
Design and Verification Methods
for Digital-Centric RF Circuits

and Systems

Von der Fakultät für Elektrotechnik und Informationstechnik
der Rheinisch-Westfälischen Technischen Hochschule Aachen

zur Erlangung des akademischen Grades eines
Doktors der Ingenieurwissenschaften

genehmigte Dissertation

vorgelegt von

Jonas Meier,

M. Sc.
aus Hamburg

Berichter: Univ.- Prof. Dr.-Ing. Stefan Heinen
Univ.- Prof. Dr.-Ing. Gerd Ascheid

Tag der mündlichen Prüfung: 30.09.2022

Diese Dissertation ist auf den Internetseiten der Universitätsbibliothek online verfügbar.





ACKNOWLEDGMENT

This work has been created during my time as research assistant at the
Institute for Integrated Analog Circuits and RF Systems at RWTH Aachen
University.

My special thanks go to Prof. Dr-Ing. Stefan Heinen, who made this work
possible as he gave me the opportunity to work on these exciting topics.
I would also like to thank Prof. Dr-Ing. Gerd Ascheid for taking over as
co-supervisor and his interest in this work.

I wish to thank all my colleagues for our time together at the insitute during
weekly meetings and interesting discussions – technical and otherwise –
which have contributed to this work. Christoph Beyerstedt, Fabian Speicher
and Markus Scholl should be mentioned explicitly. Thanks for all your hints,
help, ideas and support.

Special thanks go to Andreas Köllmann and Ulrich Möhlmann for their con-
tinuous insights into PLL design during our many meetings in preparation
for the PLL tape-out. Further, a big thank you to Johannes Bastl, Tim Lauber,
Alexander Meyer, Christopher Nardi and Lantao Wang, who significantly
contributed to the successful tape-out.

I would like to show my appreciation to all the students, who supported
me with their bachelor and master theses as well as their work as student
researchers. Especially, Fabian Maul, Florian Menke, Gregor Boronowski and
Ozan Yildirim shall be mentioned here.

Additionally, I thank my family and friends for their constant support. In
particular, my gratitude goes to my wife Carola, who patiently bore with me
on the way to finish this dissertation and in all other situations as well.

Hamburg, May 2022
Jonas Meier

i





CONTENTS

Acknowledgment i

List of Figures vii

List of Tables xiii

List of Listings xv

List of Abbreviations xvii

1 Introduction 1

1.1 Motivation and Goal . . . . . . . . . . . . . . . . . . . . . . . 1
1.2 Proceeding . . . . . . . . . . . . . . . . . . . . . . . . . . . . 2

2 Fundamentals 5

2.1 RF Systems and Components . . . . . . . . . . . . . . . . . . 5
2.1.1 Analog-to-Digital Conversion . . . . . . . . . . . . . 6
2.1.2 Frequency Synthesis Using Phase-Locked Loops . . 9
2.1.3 All-Digital Phase-Locked Loops . . . . . . . . . . . . 12
2.1.4 Controlled Oscillators . . . . . . . . . . . . . . . . . 16
2.1.5 Time-to-Digital Converters . . . . . . . . . . . . . . 20
2.1.6 Noise in RF Circuits . . . . . . . . . . . . . . . . . . 24

2.2 Simulation Methods . . . . . . . . . . . . . . . . . . . . . . . 29
2.2.1 Matrix-based Analog Simulations . . . . . . . . . . . 30
2.2.2 Event-driven Digital Simulations . . . . . . . . . . . 32
2.2.3 Mixed-Signal Simulations . . . . . . . . . . . . . . . 33

2.3 Circuit Modeling in SystemVerilog . . . . . . . . . . . . . . . 34

3 AMS Modeling Framework 39

3.1 Generic Simulation Framework . . . . . . . . . . . . . . . . 39
3.1.1 Framework Structure . . . . . . . . . . . . . . . . . . 39
3.1.2 Framework Initialization . . . . . . . . . . . . . . . . 41

iii



3.1.3 Model Creation . . . . . . . . . . . . . . . . . . . . . 46

3.2 Signal Descriptions for RF Systems . . . . . . . . . . . . . . 47

3.2.1 Time-Varying Digital Signal . . . . . . . . . . . . . . 48

3.2.2 Electrical Biasing Signal . . . . . . . . . . . . . . . . 49

3.2.3 Baseband Equivalent and Spectral Signal . . . . . . . 49

3.2.4 Laplace Domain Based Signal . . . . . . . . . . . . . 51

3.3 Modeling Power Supply . . . . . . . . . . . . . . . . . . . . . 52

3.3.1 Power Supply Signal . . . . . . . . . . . . . . . . . . 54

3.3.2 Power Supply Noise . . . . . . . . . . . . . . . . . . 55

4 RF Systems under Test 59

4.1 Multiband Transceiver . . . . . . . . . . . . . . . . . . . . . 59

4.1.1 𝚫𝚺-ADC . . . . . . . . . . . . . . . . . . . . . . . . . 59

4.2 All-Digital PLL . . . . . . . . . . . . . . . . . . . . . . . . . . 62

4.2.1 System Design . . . . . . . . . . . . . . . . . . . . . 62

4.2.2 Loop Filter Design . . . . . . . . . . . . . . . . . . . 70

4.2.3 Spur-Reduction Mechanisms . . . . . . . . . . . . . 71

4.2.4 System Implementation . . . . . . . . . . . . . . . . 75

4.2.5 System Partitioning . . . . . . . . . . . . . . . . . . . 85

5 Simulation Results 87

5.1 𝚫𝚺-ADC . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 87

5.1.1 DAC Models . . . . . . . . . . . . . . . . . . . . . . . 87

5.1.2 Comparator Model . . . . . . . . . . . . . . . . . . . 88

5.1.3 Loop Filter Model . . . . . . . . . . . . . . . . . . . . 90

5.1.4 System Evaluation . . . . . . . . . . . . . . . . . . . 91

5.2 All-Digital PLL . . . . . . . . . . . . . . . . . . . . . . . . . . 101

5.2.1 LDO Modeling . . . . . . . . . . . . . . . . . . . . . 101

5.2.2 DCO Model . . . . . . . . . . . . . . . . . . . . . . . 105

5.2.3 Buffer and Divider . . . . . . . . . . . . . . . . . . . 114

5.2.4 TDC Modeling . . . . . . . . . . . . . . . . . . . . . 118

5.2.5 System-Level Evaluation . . . . . . . . . . . . . . . . 121

6 Conclusion 133

6.1 Summary . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 133

6.2 Outlook and Open Research Topics . . . . . . . . . . . . . . 134

Bibliography xxi

A SV Source Code xxxiii

A.1 RXADC_DAC Module . . . . . . . . . . . . . . . . . . . . . . xxxiii

iv



B Curriculum Vitae xxxix

C Publications xli

C.1 Peer-reviewed Journal Papers . . . . . . . . . . . . . . . . . xli
C.2 Peer-reviewed Conference Papers . . . . . . . . . . . . . . . xli

v





LIST OF FIGURES

2.1 Comparison of conventional and digital-centric transmitter
architectures. . . . . . . . . . . . . . . . . . . . . . . . . . . . 5
a Conventional RF transmitter architecture. . . . . . . 5
b Digital-centric RF transmitter architecture. . . . . . . 5

2.2 Advances in receiver architectures. . . . . . . . . . . . . . . 6
a Conventional homodyne receiver architecture. . . . 6
b Software-defined radio receiver architecture. . . . . 6

2.3 ΔΣ ADC. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 8
2.4 Integer-N PLL block diagram. . . . . . . . . . . . . . . . . . 9
2.5 Fractional-N PLL block diagram. . . . . . . . . . . . . . . . . 11
2.6 Time averaged fractional divider ratio. . . . . . . . . . . . . 11
2.7 Block diagram of a fractional-N ADPLL. . . . . . . . . . . . . 12
2.8 Retiming of fractional-N ratio with FCW = 2.75. . . . . . . . 15
2.9 ADPLL system overview with clock domain highlighting. . . 16
2.10 Schematic of a basic ring oscillator. . . . . . . . . . . . . . . 17
2.11 LC resonator. . . . . . . . . . . . . . . . . . . . . . . . . . . . 18
2.12 Example implementation of a DCO. . . . . . . . . . . . . . . 18
2.13 Implementation of a capacitor bank for the LC tank of a DCO. 19
2.14 Flip-flop implementations. . . . . . . . . . . . . . . . . . . . 21

a 𝑅𝑆 flip-flop. . . . . . . . . . . . . . . . . . . . . . . . 21
b 𝑅𝑆 flip-flop. . . . . . . . . . . . . . . . . . . . . . . . 21

2.15 Flash-TDC with unit delay 𝑇𝐷 and 𝑅𝑆 flip-flops as time com-
parators. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 21

2.16 Vernier TDC. . . . . . . . . . . . . . . . . . . . . . . . . . . . 22
2.17 Two-Dimensional Vernier TDC Structure. . . . . . . . . . . . 23
2.18 2D Matrix structures. . . . . . . . . . . . . . . . . . . . . . . 24
2.19 Output spectrum of ideal (thick) and real (dashed) oscillator. 26
2.20 Idealized phase noise regions in Δ𝑓 distance to carrier. . . . 27
2.21 Timing jitter as non-accumulative (left) and accumulative

(right) jitter. . . . . . . . . . . . . . . . . . . . . . . . . . . . 28
2.22 Typical testbench environment. . . . . . . . . . . . . . . . . 30

vii



2.23 Event-driven simulation process. . . . . . . . . . . . . . . . . 33
2.24 SystemVerilog net functionality. . . . . . . . . . . . . . . . . 36

3.1 Overview of AMS Simulation Framework. . . . . . . . . . . 40
3.2 Framework initialization steps. . . . . . . . . . . . . . . . . . 43

a Framework during inital phase. . . . . . . . . . . . . 43
b Framework during first net evaluation. . . . . . . . . 44
c Framework after initialization. . . . . . . . . . . . . 45

3.3 GUI to select toplevel and leaf cells to be modeled. . . . . . . 46
3.4 GUI to parameterize and generate SV model implementation. 47
3.5 Visualization of the coordinate change by baseband equivalent

signals. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 50
3.6 Two-dimensional spectral signal representation. . . . . . . . 51
3.7 Example functions representable by the XREAL group intro-

duced in [Jan+12]. . . . . . . . . . . . . . . . . . . . . . . . . 52
3.8 Inheritance diagram for supply signal. . . . . . . . . . . . . . 54
3.9 Implementation of transfer function for supply noise in [Mei+19b]. 55
3.10 Delay calculation of alpha factor. . . . . . . . . . . . . . . . . 57

4.1 System overview of ΔΣ-ADC. . . . . . . . . . . . . . . . . . 60
4.2 Analog-to-Digital Converter. . . . . . . . . . . . . . . . . . . 60

a Multi-bit tracking ADC. . . . . . . . . . . . . . . . . 60
b Reference Voltage DAC. . . . . . . . . . . . . . . . . 60

4.3 Feedback DAC. . . . . . . . . . . . . . . . . . . . . . . . . . . 61
4.4 Z-Domain model of a fractional-N ADPLL. . . . . . . . . . . 63
4.5 Comparison of z-domain phase-domain transfer function and

s-domain approximation. . . . . . . . . . . . . . . . . . . . . 65
4.6 DCO phase noise in type-I and type-II PLL. . . . . . . . . . . 67
4.7 DCO quantization error shaped by type-I and type-II PLL. . 69
4.8 DCO quantization error and ΣΔ-modulated quantization. . . 70
4.9 TDC quantization error shaped by type-I and type-II PLL. . . 71
4.10 Ideal Phase error for FCW close to integer. . . . . . . . . . . 72
4.11 Phase error for FCW close to integer compensated with quan-

tized 𝑝ℎ𝑟 . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 73
4.12 Phase error for FCW close to integer weighted according to

(4.28). . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 74
4.13 Schematic for extracting and compensating periodic phase

error [HC16]. . . . . . . . . . . . . . . . . . . . . . . . . . . . 74
4.14 TDC with added pseudorandom fref dithering. . . . . . . . . 75
4.15 Block diagram of the proposed ADPLL design. . . . . . . . . 76
4.16 Loop filter schematic. . . . . . . . . . . . . . . . . . . . . . . 77

viii



4.17 Mode dependent s-domain transfer functions. . . . . . . . . 77
4.18 DCO gain normalization. . . . . . . . . . . . . . . . . . . . . 79
4.19 DCO control block diagram for PVT and ACQ mode. . . . . 79
4.20 DCO control block for TRK mode. . . . . . . . . . . . . . . . 80
4.21 ΣΔ-modulator with combiner circuit for dithering of frac-

tional tuning word. . . . . . . . . . . . . . . . . . . . . . . . 81
4.22 Mode control. . . . . . . . . . . . . . . . . . . . . . . . . . . 82
4.23 Block Diagram of TDC output processing. . . . . . . . . . . 83
4.24 Implementation to estimate TDC metastability window from

phase error. . . . . . . . . . . . . . . . . . . . . . . . . . . . . 84
4.25 The circuits on the test chip. . . . . . . . . . . . . . . . . . . 85
4.26 The ADPLL from a supply perspective. . . . . . . . . . . . . 86

5.1 Spectrum processing in DAC models. . . . . . . . . . . . . . 88
5.2 PSN transfer function of the reference voltage DAC for various

tuning settings. . . . . . . . . . . . . . . . . . . . . . . . . . 89
a Transfer function of PSN to single-ended output. . . 89
b Differential transfer function. . . . . . . . . . . . . . 89

5.3 𝐼𝑑𝑖 𝑓 𝑓 caused by PSN in feedback DAC. . . . . . . . . . . . . . 89
5.4 Exemplary transfer functions of PSN to the I-output of the

loop filter considering mismatch from process variation. . . 90
5.5 Spectrum processing in the poly-phase quadrature loop filter

model. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 91
5.6 ΔΣ-ADC simulation testbench. . . . . . . . . . . . . . . . . . 92
5.7 White noise used in ADC simulation. . . . . . . . . . . . . . 93
5.8 ADC simulation results in single-bit mode without PSN. . . 94
5.9 ADC simulation results in single-bit mode with PSN. . . . . 95
5.10 FFT of ADC simulation results in single-bit mode without PSN. 96
5.11 FFT of ADC simulation results in single-bit mode with white

PSN as described in sec. 5.1.4.1. . . . . . . . . . . . . . . . . . 96
5.12 AMS simulation filter signals in multi-bit mode without PSN. 98
5.13 AMS simulation filter signals in multi-bit mode with PSN. . 99
5.14 FFT of the ADC’s output in multi-bit mode without PSN. . . 100
5.15 FFT of the ADC’s output in multi-bit mode with PSN. . . . . 100
5.16 The LDO’s implementation on the chip. . . . . . . . . . . . . 102
5.17 The modeled EA’s voltage current relation. . . . . . . . . . . 103
5.18 The LDO’s testbench. . . . . . . . . . . . . . . . . . . . . . . 104
5.19 The LDO’s step responses of schematic and model compared. 104
5.20 The frequency response of LDO model and schematic. . . . . 105
5.21 Block diagram of DCO with different capacitor banks. . . . . 106

a PVT mode. . . . . . . . . . . . . . . . . . . . . . . . 107

ix



b TRK mode. . . . . . . . . . . . . . . . . . . . . . . . 107

5.23 The capacitor banks with supply modulation. . . . . . . . . . 108

5.24 The DCO’s supply voltage and current. . . . . . . . . . . . . 109

5.25 The DCO’s output spectrum compared to the parameters. . . 109

5.26 Testbench for the DCO model vs. schematic simulations. . . 110

5.27 The DCO’s output spectrum compared to the schematic’s. . 111

a DCO phase noise from schematic simulation. . . . . 111

b DCO phase noise from model. . . . . . . . . . . . . 111

5.28 A z-domain model of an ADPLL with quantization noise from
simulator resolution. . . . . . . . . . . . . . . . . . . . . . . 112

5.29 Phase noise simulations with highlighted effect of time reso-
lution quantization. . . . . . . . . . . . . . . . . . . . . . . . 113

a Phase noise of free-running oscillator model calcu-
lated from transition timestamps. . . . . . . . . . . . 113

b Phase noise of free-running oscillator model calcu-
lated from noisy frequency variable. . . . . . . . . . 113

5.30 Effect of DCO phase noise on ADPLL output after rescaling. 115

5.31 The output buffer and divider as circuit. . . . . . . . . . . . . 115

5.32 Buffer’s current and voltage waveform. . . . . . . . . . . . . 116

5.33 Transient current and voltage plot of the output buffer’s supply. 117

5.34 Phase noise of the output buffer compared. . . . . . . . . . . 118

5.35 The TDC’s implementation. . . . . . . . . . . . . . . . . . . 119

5.36 The delay cell. . . . . . . . . . . . . . . . . . . . . . . . . . . 119

5.37 Relative error of delay cell parameters. . . . . . . . . . . . . 121

a Charge modelling error of the delay cell. . . . . . . . 121

b Delay modelling error of the delay cell. . . . . . . . . 121

5.38 The phase noise spectrum without noise sources. . . . . . . 121

5.39 Performance of supply net implementations compared. . . . 123

5.40 Output phase noise considering variation of supply voltage
caused by the divider. . . . . . . . . . . . . . . . . . . . . . . 123

5.41 Output phase noise considering TDC and divider as current
loads. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 124

5.42 Spectrum of the TDC input signal. . . . . . . . . . . . . . . . 125

5.43 Configuration to analyze decoupling effectiveness of ADPLL. 125

5.44 Output phase noise simulation of the ADPLL for different
decoupling parameters. . . . . . . . . . . . . . . . . . . . . . 126

a TDC decoupling sweep, with 𝐶𝑑𝑒𝑐𝑎𝑝,𝐷𝐶𝑂 = 10 pF. . . 126

b Divider decoupling sweep, with 𝐶𝑑𝑒𝑐𝑎𝑝,𝑇𝐷𝐶 = 1 nF. . 126

5.45 Output phase noise of the ADPLL with separate LDOs for
TDC and DCO/Divider. . . . . . . . . . . . . . . . . . . . . . 127

x



5.46 Output phase noise for spur cancellation through correlation
with ideal VDD. . . . . . . . . . . . . . . . . . . . . . . . . . 128

5.47 Spur cancellation comparison for different averaging lengths. 129
5.48 Spur cancellation effectiveness with supply modulation. . . . 130
5.49 Output phase noise for spur cancellation through TDC input

dithering with ideal VDD. . . . . . . . . . . . . . . . . . . . 130
5.50 Output phase noise for spur cancellation through TDC input

dithering with modulated VDD. . . . . . . . . . . . . . . . . 131

xi





LIST OF TABLES

2.1 RS flip-flop operation . . . . . . . . . . . . . . . . . . . . . . 21

4.1 Summarized specifications of the ADPLL. . . . . . . . . . . . 62

5.1 SNR with white noise as PSN in single-bit mode. . . . . . . . 97
5.2 SNR with white noise as PSN in multi-bit mode. . . . . . . . 101
5.3 EA model parameters. . . . . . . . . . . . . . . . . . . . . . . 103
5.4 Capacitor unit-cell model parameters. . . . . . . . . . . . . . 107
5.5 Output buffer and divider model parameters. . . . . . . . . . 117
5.6 Comparison of the model’s interaction. . . . . . . . . . . . . 118
5.7 Flip-flop model parameters. . . . . . . . . . . . . . . . . . . . 120
5.8 Delay cell model parameters. . . . . . . . . . . . . . . . . . . 120

xiii





LIST OF LISTINGS

2.1 SV module description. . . . . . . . . . . . . . . . . . . . . . 35
2.2 Definition of a UDT and UDR in SV. . . . . . . . . . . . . . . 37
2.3 Declaration of a C function in SV. . . . . . . . . . . . . . . . 37
2.4 Declaration of a function to create a new C++ object in SV. . . 37
2.5 C++ constructor exposed for SV DPI. . . . . . . . . . . . . . . 38

3.1 AMS signal net evaluation routine. . . . . . . . . . . . . . . 42
3.2 AMS_Signal_LaplaceRepresentation header file with class defi-

nition. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 53

5.1 SystemVerilog implementation of time-domain rescaling. . . 114

xv





LIST OF ABBREVIATIONS

AC alternating current
ACQ acquisition
ADC analog-to-digital converter
ADPLL all-digital phase-locked loop
AMS analog mixed signal
API application programming interface
AWGN additive white gausian noise
C2I3 control, configuration, interface, interconnect

and integration
CKR retimed reference clock
CKV variable clock
CMOS complementary metal oxid semiconductor
DAC digital-to-analog converter
DC direct current
DCO digitally controlled oscillator
DCW discrete control word
DPI Direct Programming Interface
DSP digital signal processing
DTC digital-to-time converter
DUT device under test
EA error amplifier
FCW frequency command word
FFT fast Fourier transform
FIFO First In – First Out
FREF reference frequency
GUI graphical user interface
HB harmonic balance
HDL hardware description language
IAS Institute for Integrated Analog Circuits
IC integrated circuit
IDE integrated development environment

xvii



IF intermediate frequency
IFFT inverse fast Fourier transform
IIR inifinite impulse response
ISM industrial, scientific and medical
LDO low-dropout regulator
LF loop filter
LFSR linear feedback shift register
LMS least-mean-square
LO local oscillator
LSB least significant bit
LTI linear time invariant
MvS model vs. schematic
NTF noise transfer function
OPAMP operational amplifier
OTW oscillator tuning word
PCB printed circuit board
PFD phase-frequency detector
PHE phase error word
PHR reference phase word
PHV variable phase word
PLL phase-locked loop
PMOS p-type metal oxid semiconductor
PSN power supply noise
PSRR power supply rejection ratio
PSS periodic-steady-state
PVT process, voltage, temperature
RAM random-access memory
RF radio frequency
RF-DAC RF-digital-to-analog converter
RMS root-mean-square
RNM real number modeling
RO ring oscillator
RTL register transfer level
SC SystemC
SDR software-defined radio
SNR signal-to-noise ratio
SoC System-on-Chip
SPI serial peripheral interface
SRAM static random-access memory

xviii



SSD single-sided spectral density
SSN simultaneous switching noise
STF signal transfer function
SV SystemVerilog
TDC time-to-digital converter
TIEH tie-high
TIEL tie-low
TRK tracking
UDN user-defined net
UDR user-defined resolution function
UDT user-defined data type
VCO voltage controlled oscillator
VDD supply voltage
VHDL very high speed integrated circuit hardware

description language

xix





CHAPTER 1

INTRODUCTION

1.1 Motivation and Goal

The demand for reliable, affordable, low-power electronics has caused a wide
adoption of so called Systems-on-Chip (SoCs). These combine analog, digital
and radio frequency (RF) components on the same silicon die. Especially,
advances in communication technology are a driver of design complexity,
demanding ever-growing data rates on a limited power budget of a battery-
powered device. Currently used communication standards are based on digital
signal modulation. Smaller technology nodes combined with digital-centric
designs are of advantage here. They provide the possibility to use smaller
supply voltages and allow to reach higher operating frequencies.

But with this shift, the accompanying rising integration densities and an
increasing interaction between the sub-systems, new error sources gain im-
portance. For instance, switching noise and cross-coupling over supply from
the growing digital circuits to the remaining analog and RF blocks present
an issue that needs to be considered during design and verification. The low
supply voltage poses a challenge for remaining analog components. The
voltage headroom is reduced, which furthers the susceptibility to noise and
disturbances on supply lines. A critical component in digital-centric designs
is the reference clock generation. Phase-locked loops (PLLs) are commonly
used to provide low phase noise, high accuracy clock signals. A degradation
in performance directly influences the functionality of all other parts in the
system.

Traditional analog mixed signal (AMS) simulators verify the system behavior
by co-simulation of digital and analog circuits. But especially the analog
simulator becomes a bottleneck when simulating high frequency varying
signals. They are thus not able to handle the requirements for a full-system
verification in an adequate time-frame, especially on chip level. Event-driven
simulations as known from digital simulators provide a promising solution.
With the recent addition of real number modeling they allow the development
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1 Introduction

of analog models for efficient co-simulation with digital circuits. Nevertheless,
the analog modeling capabilities are still limited and often focus on the main
signal path. Also, their advantage is limited for high frequency radio signals.

Goal of this thesis is the development of a modeling strategy that allows
in digital-centric designs to simulate the remaining analog and RF circuits
efficiently together with the digital system. A focus of these models is the
ability to consider aggressors from other parts of the system e.g. by coupling
over the supply network. The developed modeling approaches are verified
by applying them to sub-circuits of an RF transceiver developed at the in-
stitute Institute for Integrated Analog Circuits (IAS) to enable pre-tape-out
verification of the design. They are further used in the development of an
all-digital phase-locked loop (ADPLL). Using parameterized models enables
to consider the effects of supply voltage modulation in an early design phase
and to adjust the system partitioning accordingly.

1.2 Proceeding

To enable the examination of different modeling approaches, a generic simula-
tion framework is developed that provides a seamless integration in the design
process of full custom circuits. This thesis proposes the use of SystemVerilog
(SV) as modeling basis. The SV Direct Programming Interface (DPI) allows the
use of a C++ class-based architecture and benefits from the available standard
libraries to implement efficient signal descriptions. The native netlister is
utilized to reuse the analog design hierarchy and only replace bottom-level
functional building blocks and signal representations with for the specific
use-case optimized, computational efficient implementations. A library of
parameterized typical building blocks is developed to enable a fast and widely
automatic module generation.

Using specialized signal descriptions for analog and RF signals along with the
signal processing capabilities available in C++ allows to grow the simulation
effectiveness. Different approaches from literature are evaluated with regard
to their suitability for system-level mixed-signal verification. During the
process not only the main signal path is considered but also the peculiarities
when modeling a variable supply voltage are discussed. The class-based
architecture allows for a modular extension of the simulation framework.

The developed models and simulation approaches are applied to the verifica-
tion of a RF transceiver developed at the IAS and enable to find errors and
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optimization potential in the subsystems that would otherwise only be seen
in the lab during measurements.

The methodology is further applied to the development of a fractional ADPLL.
The ADPLL is designed using a 2D-Vernier time-to-digital converter (TDC)
for fractional phase measurement. A characterizing phenomenon in fractional
PLLs is the occurrence of periodical phase errors that cause so called spurious
tone when looking at the output phase noise. Two different approaches to
suppress these fractional spurs are implemented in the digital loop filter.
The first is based on the digital cancellation of expected sampling errors at
the TDC, the second uses pseudo-random delay dithering and correction
of the reference clock. Using parameterized models for the few remaining
analog circuits in the design, the simulation method is used to analyze the
susceptibility to cross-coupling and switching noise of the ADPLL.
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CHAPTER 2

FUNDAMENTALS

2.1 RF Systems and Components

The conventional architecture for RF transmitter is depicted in figure 2.1a.
It consists of a digital signal processor that handles the coding and modu-
lation of the data to be transmitted at baseband frequency. This generated
baseband signal is converted to an analog system using a digital-to-analog
converter (DAC). The following low pass filter removes any alias spectra. An
analog mixer converts the baseband signal to the RF carrier frequency. The
subsequent power amplifier is connected to the antenna to transmit the signal
[Zim11].

Analog based transmitters as described above do not scale with the advances
to smaller technology nodes. To keep the smaller transistors working reliably,
the supply voltage is reduced. Since the threshold voltage of the transistors
stays nearly the same, this reduces the effective voltage margin and therefore
the linearity of analog transistors. On the other hand digital circuits benefit
greatly from smaller technology nodes. With decreasing size the circuit
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Figure 2.1: Comparison of conventional and digital-centric transmitter archi-
tectures.
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(b) Software-defined radio

receiver architecture.

Figure 2.2: Advances in receiver architectures.

consumes proportionally less power while the speed increases linear [SA11].
Therefore, digital-centric transmitters have been proposed as an alternative
[Zim11]. Figure 2.1b illustrates a typical architecture [Ala14]. The baseband
signal from the digital signal processing (DSP) unit is up-sampled and fed to
an RF-digital-to-analog converter (RF-DAC). This converter takes a digital
clock at RF frequency and mixes it with the upsampled control word. The
resulting output is a signal with an amplitude proportional to the digital value
at the input. This output is then either transmitted to a subsequent power
amplifier or drives the antenna directly.

Since almost all building blocks are digital, such an architecture utilizes the
advantages of smaller processing nodes. Additionally, the software based
implementation of signal processing and filtering allows the flexibility to
develop transmitters that support multiple wireless communication standards
on the same hardware [MHN16].

Similar advances are noted on the receiving side[Riv+07; CC11; Lie+14;
Kim+10]. Software-defined radio (SDR) receivers in contrast to conventional
architectures use faster analog-to-digital converters (ADCs) to shift the bound-
ary between RF and digital domain closer towards the antenna as seen in
figure 2.2. This allows more and more filters to be implemented in digital
post-processing, making the design more versatile and adjustable via software.

2.1.1 Analog-to-Digital Conversion

While most physical phenomena interacting with electronics, like wireless
transmission using electromagnetic waves, are analog by nature, signal pro-
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cessing is shifted more and more towards the digital domain. In contrast to
analog signals, which are continuous in time and value, digital signals are
discrete in both. Thus, a conversion of the signal is needed quantizing it in
both domains. This is typically done using ADCs. Their performance must
keep up with the advances of digital circuitry due to scaling of the technology
nodes, as not to have a bottleneck at the interface between digital signal
processing and analog environment [ST04].

Analog-to-digital conversion in practice means sampling the analog waveform
at specific, typically equidistant points in time, using a reference clock to
provide a stable period. The minimum necessary sampling rate is given by

𝑓𝑁𝑦𝑞𝑢𝑖𝑠𝑡 = 2 · 𝑓𝑖𝑛 , (2.1)

where 𝑓𝑖𝑛 is the highest input frequency of the signal being sampled. Sampling
at a lower rate than the Nyquist Rate causes aliasing. Multiple frequency
components are mapped to the same discrete frequency bin and information
is lost due to the sampling. Thus, the sampled signal can not be reconstructed
correctly [OL07].

Quantizing the analog value is usually realized by limiting the signal in
its range and rounding its amplitude to the next predefined discrete value.
The number of available digital levels determines the resolution of the ADC
expressed as the number of bits of the digital output word [All02].

This conversion process causes a quantization error due to rounding and the
finite sampling rate. The error is often described as uniformly distributed
noise. Assuming a noiseless sinusoidal input signal, this leads to an output
signal-to-noise ratio (SNR) of

𝑆𝑁𝑅 = (𝑁 · 6.02 + 1.76) dB . (2.2)

To further improve the performance of ADCs, oversampling can be applied.
Instead of sampling with a frequency close to the necessary Nyquist Rate, a
much higher frequency is used. The oversampling ratio is defined as

𝑂𝑆𝑅 =

𝑓𝑠𝑎𝑚𝑝𝑙𝑒

𝑓𝑁𝑦𝑞𝑢𝑖𝑠𝑡
(2.3)

and is typically in the order of 8 to 512.

Oversampling allows to reduce the number of bits of the quantizer without
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Figure 2.3: ΔΣ ADC.

losing resolution. The SNR with oversampling is

𝑆𝑁𝑅 = (𝑁 · 6.02 + 1.76 + 10 log𝑂𝑆𝑅) dB . (2.4)

ΔΣ-modulators belong to the group of oversampling converters. In contrast
to classical ADCs, they are not so much limited by non-linearity and matching
issues of analog circuitry [All02]. Furthermore, they provide intrinsic anti-
aliasing at low power and high speed [RTL09].

Figure 2.3 shows such a modulator. It contains a feedback loop combined
with an internal low resolution ADC and DAC as well as a loop filter [ST04].
This can be used to apply noise-shaping by choosing an appropriate filter
structure. The ΔΣ-ADC inherently has two different transfer functions for
the propagation of quantization noise and the signal to the ADC’s output
called noise transfer function (NTF) and signal transfer function (STF):

𝑁𝑇𝐹 (𝑠) = 1

1 + 𝐻 (𝑠) , (2.5)

𝑆𝑇𝐹 (𝑠) = 𝐻 (𝑠)
1 + 𝐻 (𝑠) . (2.6)

Choosing the loop filter transfer function 𝐻 (𝑠) allows to model the NTF and
STF to improve the SNR by moving the noise out of the desired frequency
signal band:

𝑆𝑁𝑅 = 20 log

[

(2𝑛 − 1)
√︂

3

2

√
2𝑚 + 1

𝜋𝑚
𝑂𝑆𝑅𝑚+ 1

2

]

dB . (2.7)

Here,𝑚 is the loop order of the ΔΣ-modulator [RTL09].

Instead of quantizing each sample with a high resolution, a delta-sigma mod-
ulated signal encodes amplitude information in the time duration similar to
pulse-width modulation. A decimation filter in the digital domain afterwards
reduces the signal rate back to the Nyquist frequency decoding the amplitude
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Figure 2.4: Integer-N PLL block diagram.

information.

The ΔΣ-modulator is very sensitive to non-linearity in the feedback path,
since distortions caused there are not shaped by the NTF. To avoid that
problem, often only single-bit ADCs and DACs are used, which are inherently
linear. When internally using multi-bit converters, extra care has to be taken
to minimize the non-linearity, but it is rewarded with better stability and a
higher SNR, even with reduced oversampling rate [ST04].

2.1.2 Frequency Synthesis Using Phase-Locked Loops

Regardless if conventional or digital-centric, integrated transceivers require
an accurate frequency synthesis to supply the local oscillator (LO) and clock
signals. Different system topologies are available that can be categorized as
direct, indirect and hybrid structures, each coming with individual advantages
as well as disadvantages. Indirect frequency synthesizers such as PLL are
preferably used in mobile communication systems since they satisfy most of
the strict phase noise and spur requirements, which are mandated by modern
communication standards.

The classical charge-pump based analog PLL utilizes a stable low frequency
reference and a voltage controlled oscillator (VCO) to generate a high fre-
quency output 𝑓𝑜𝑢𝑡 . The output is divided by a constant factor 𝑁 to a lower
frequency domain close to the input reference. The phase-frequency detector
(PFD) compares the phases of subdivided output and reference frequency to
return the momentary phase error between the two. Due to the feedback
structure as shown in figure 2.4 even small output drifts are detected and
corrected in the loop [SB06]. The continuous counteractions of the PFD cause
noise and spurious tones close to the center frequency of the system. The loop
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filter (LF) is designed to reduces these as well as the noise introduced by the
reference oscillator itself which can cause unwanted frequency modulation in
the VCO. To this end, the LF needs to have a rather small bandwidth. However,
a low corner frequency 𝑓𝐵𝑊 results in slower loop dynamics and long settling
times. Therefore, these systems are especially suited for narrow-band applica-
tions with a high demand for low out-of-band noise. To achieve low in-band
phase noise, an oscillator with adequately high quality factor 𝑄 and hence a
low phase noise characteristics, such as crystal oscillators are required. An
additional frequency divider with factor𝑀 can be utilized as a prescaler of
the input frequency 𝑓𝑜𝑠𝑐 . The PLL output then follows (2.8).

𝑓𝑜𝑢𝑡 = 𝑓𝑜𝑠𝑐 ·
𝑁

𝑀
= 𝑓𝑟𝑒 𝑓 · 𝑁 . (2.8)

The architecture is thus referred to as integer-N PLL. Varying the divider
factor 𝑁 , allows to tune the output frequency. The minimum spacing Δ𝑓𝑐ℎ
between neighboring frequency settings is bound by:

Δ𝑓𝑐ℎ =
𝑓𝑜𝑢𝑡

𝑁
= 𝑓𝑟𝑒 𝑓 . (2.9)

Modern communication standards require channel spacing in the range of
kHz to MHz around the carrier in the GHz region. Thus, large values for 𝑁
are necessary. Unfortunately, the phase noise 𝑆𝜙 of the reference oscillator is
raised due to the frequency multiplication as in (2.10):

Δ𝑆𝜙 = 20 log(𝑁 ) [dB] . (2.10)

Thus it is hard to maintain small channel spacings Δ𝑓𝑐ℎ and the specified noise
limits at the same time. Additionally, in integer-N PLLs spurious tones occur
at multiples of 𝑓𝑟𝑒 𝑓 , which happen to be neighboring channels. Therefore,
the LF must be designed with 𝑓𝐵𝑊 ≈ Δ𝑓𝑐ℎ and steep roll-off to eliminate such
spurs appropriately. Traditional analog RC-filters with such requirements re-
quire large capacitors and resistors making monolithic integration practically
impossible.

A fractional-N PLL can be considered as an alternative approach which tackles
most of the above problems. In contrast to the interger-N PLL the divider in
the feedback path is replaced with a fractional divider as seen in figure 2.5.
Being able to tune the output frequency by fractions of the input reference
𝑓𝑟𝑒 𝑓 eases many design constraints such as the minimum channel spacing
and loop filter bandwidth. To improve the system dynamics, the reference
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Figure 2.5: Fractional-N PLL block diagram.
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Figure 2.6: Time averaged fractional divider ratio.

frequency 𝑓𝑟𝑒 𝑓 and filter bandwidth 𝑓𝐵𝑊 can be chosen much higher than Δ𝑓𝑐ℎ
to allow a faster update rate an swifter response to phase errors. Additionally,
an increased 𝑓𝑟𝑒 𝑓 allows to reduce the divisor 𝑁 which yields a lower phase
noise contribution Δ𝑆𝜙 as in (2.10).

Since there is no intrinsic block which implements a fractional frequency
divider in analog PLL circuits, all techniques rely on the principle of time
averaging as depicted in figure 2.6. Two techniques have proven suitable
for this application: Fractional Accumulation and ΣΔ-Modulation. They
modulate the divider value in the feedback path over time such that the
average value equals the desired frequency ratio {𝑁 .𝑓 }, where {𝑁 } accounts
for the integer and {.𝑓 } for the fractional value. The fractional portion {.𝑓 }
of the divider ratio is directly derived from the duty cycle 𝐷 𝑓 given by

𝐷 𝑓 =
𝑇𝑁+1

𝑇𝑁 +𝑇𝑁+1
= {.𝑓 } , (2.11)

where 𝑇𝑁+1 and 𝑇𝑁 are the duration of each state within a single cycle. Thus,

11



2 Fundamentals

Reference phase 

generation
Loop filter

Integer phase 

generation

Fractional phase 

estimation

CLK 

retiming

FCW PHR PHE OTW CKV

FREF

CKR

PHVI

PHVF

PHV

DCO

Figure 2.7: Block diagram of a fractional-N ADPLL.

the output frequency follows

𝑓𝑜𝑢𝑡 = 𝑓𝑟𝑒 𝑓 · (𝑁 + 𝐷 𝑓 ) = 𝑓𝑟𝑒 𝑓 · {𝑁 .𝑓 } . (2.12)

2.1.3 All-Digital Phase-Locked Loops

With the progress towards smaller nodes and submicrometer technologies,
traditional charge-pump based PLLs are not amenable to integration anymore
due to the necessary analog control signals and bulky filter structures. Re-
placing the analog signals with digital counterparts remedies the situation
by using DSP units to handle the filtering of binary encoded phase and fre-
quency information. The schematic in figure 2.7 depicts an ADPLL. All blocks
within the control loop have digital ports, including the oscillator tuning
word (OTW) controlling the digitally controlled oscillator (DCO). Hence, the
system completely relinquishes the need for additional signal conversions
using ADCs or DACs [SB05].

Short rise and fall time of nanoscale logic allow exact reconstruction of signal
times at rising and falling edges. The system proposed in figure 2.7, counts
the events of either rising or falling transitions of the rectangular shaped
output waveform variable clock (CKV) of the DCO to gain the integer phase
(PHVI) information. Accumulating these events converts the output frequency
into phase information, which is the equivalent discrete operation for phase
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integration in continuous time-domain:

𝜙 (𝑡) = 2𝜋

∫ 𝑡

−∞
𝑓 (𝜏)𝑑𝜏

≈ 𝜙0 + 2𝜋

𝑘∑︁

0

𝑓𝑘 (𝑡) . (2.13)

The fractional phase PHVF is estimated with respect to the external refer-
ence clock reference frequency (FREF) and the composition of PHVI and
PHVF yields a binary representation of the momentary variable output phase
variable phase word (PHV). This signal is the equivalent digital description
of the down-divided clock in the loop feedback of the previously described
analog-based PLL architectures.

The frequency command word (FCW) controls the DCO frequency. It is
defined as the ratio of the desired output 𝑓𝐷𝐶𝑂 and applied input reference
𝑓𝑟𝑒 𝑓 given in (2.14), similarly to the divider ratio in 2.1.2:

FCW =
𝑓𝐷𝐶𝑂

𝑓𝑟𝑒 𝑓
= {𝑁 .𝑓 } . (2.14)

In contrast to the analog implementations, the fractional portion of FCW is
not gained through time averaging but, instead, it is directly processed in the
control loop.

Another accumulation stage translates the frequency command word, which
is time-invariant during normal operation, to the momentary reference phase
word (PHR) on every instance of the significant edge. The PFD in digital PLL
designs is implemented as a simple arithmetic block performing a subtraction
of PHR and the feedback signal PHV. Compared to charge-pump based PFD
implementations of analog PLLs, which in general suffer from non-linearities,
the signal subtraction is a linear operationwithout any need for approximation
and inherently reduces spurs. The resulting phase error word (PHE) feeds
a digital LF whose result is applied to the DCO as oscillator tuning word
OTW. A retiming block in the schematic indicates a sampling process of the
low-frequency reference signal FREF with the DCO output CKV, which is
usually several orders of magnitudes higher in frequency. The so gained
retimed reference clock (CKR) allows the operation in a system synchronized
to the DCO output signal but operating the same rate as FREF.
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2.1.3.1 Operation Principle in Phase-Domain

To gain knowledge of the absolute phase and thereby of the momentary
frequency, accurate timing information of the zero-crossings of either rising
or falling signal edges are necessary. By definition, the DCO output signal has
a variable period duration 𝑇𝑣 while the reference oscillator period 𝑇𝑟 should
be constant. Further, it is assumed, that𝑇𝑣 ≪ 𝑇𝑟 which allows to use𝑇𝑣 as unit
interval and assume both periods as time invariant. Clock edges, indexed with
𝑖 and 𝑘 , appear at the absolute times 𝑡𝑣 and 𝑡𝑟 , at multiples of their respective
periods as defined in (2.15). 𝑡0 denotes a possible initial time offset between
both clock domains and is referred to FREF.

𝑡𝑣 = 𝑖 ·𝑇𝑣 ,
𝑡𝑟 = 𝑘 ·𝑇𝑟 + 𝑡0 (2.15)

Normalizing the time steps using the declared unit interval 𝑇𝑣 results in a
dimensionless expression for reference (Φ𝑟 ) and variable (Φ𝑣) phase similar
to radian or angular representation:

Φ𝑣 =
𝑡𝑣

𝑇𝑣
,

Φ𝑟 =
𝑡𝑟

𝑇𝑣
. (2.16)

Applying the normalization to (2.15) and evaluating the phases at their corre-
sponding clock edges yields (2.17). The ratio of the two period durations 𝑇𝑣
and 𝑇𝑟 is the same as defined in (2.14).

Φ𝑣 [𝑖] = 𝑖 ,
Φ𝑟 [𝑘] = 𝑘 · 𝑇𝑟

𝑇𝑣
+ 𝑡0

𝑇𝑣
= 𝑘 · FCW + Φ0 (2.17)

Thus, the discrete frequency-to-phase conversion can be formulated as sum-
mation of the sampled data. To calculate the phases, for 𝑃𝐻𝑉 ones are accu-
mulated on each significant CKV edge, while 𝑃𝐻𝑅 is incremented by FCW
on each reference edge:

PHV[𝑖] =
𝑖∑︁

𝑙=0

1 , (2.18)

PHR[𝑘] =
𝑘∑︁

𝑙=0

FCW . (2.19)
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Figure 2.8: Retiming of fractional-N ratio with FCW = 2.75.

The initial phase offset Φ0 in (2.17) will be constant in case of a type-I PLL or
decay completely if a type-II PLL is implemented.

2.1.3.2 Reference Retiming

The sampling operations in two asynchronous clock domains, as described
above, lead to a remaining phase discrepancy that needs to be resolved in order
to avoid metastability issues. [SB06] proposes a clock retiming mechanism to
synchronise the clock domains, i.e. create a common time stamp variable for
the indices 𝑖 and 𝑘 . The high-frequency signal CKV is used as sampling clock
for the low-frequency FREF input. An example for a fractional ratio of FCW =

2.75 is shown in figure 2.8. Ideally the sampling process is implemented as a
simple D-flip-flop that updates the FREF level on each successive CKV edge.
Thus, the normalized phase expressions from (2.17) have a common index
𝑘 . However, the resampling introduces a delay between FREF and CKV that
originates from the fractional portion of the FCW.

Φ𝑣 [𝑘] = ⌈𝑘 · FCW⌉
Φ𝑟 [𝑘] = 𝑘 · FCW + Φ0 + 𝜀 [𝑘] (2.20)
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Figure 2.9: ADPLL system overview with clock domain highlighting.

It can be seen as a quantization or rounding error 𝜀 [𝑘] between the actual
FREF edge and the following CKV edge. It should be noted that

PHVF = −𝜀 . (2.21)

Figure 2.9 depicts an ADPLL implementation with retiming mechanism. The
signal paths are coded with respect to their coresponding clock domains.
The main operations, marked as solid lines, are synchronized to the retimed
clock CKR. The integer phase conuter runs in the CKV domain (large dashed).
A TDC is used to asynchronously estimate the quantization error between
the integer phase counter and the FREF domain (small dashed). Additional
registers at the TDC output and integer phase accumulator synchronize these
signals to the CKR domain.

2.1.4 Controlled Oscillators

The proposed PLL architectures all need a high-frequency oscillator to synthe-
size the RF output frequency. Two common design choices are ring oscillator
(RO) and LC resonator based circuits.

RO based circuits utilize an odd number of inverters with the output of
the last one fed back to the first inverter to force a free running oscillation
(figure 2.10). By limiting the amount of current available to the inverter
stages, the propagation delay and thus the oscillation frequency can be tuned.
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However, process variation and the high amount of transistors introduce
additional noise to the system making it unsuitable for the strict requirements
needed in communication circuits.

An alternative are LC resonator based designs. A possible design is shown in
figure 2.11. The resonant frequency of the oscillating circuit is given by:

𝑓𝑂𝑈𝑇 =
1

2𝜋
√
𝐿𝐶𝑡𝑢𝑛𝑒

. (2.22)

Using varactors as capacitance allows to tune the output frequency using an
analog voltage. The cross coupled transistors provide a negative impedance
to counter the ohmic losses and damping of the oscillation.

A variation of the above design, using switchable capacitor unit cells instead
of varactors, allows a digital control of the output frequency. Thus, the circuit
is called DCO and an exemplary implmentation is shown in figure 2.12. It is
preferable in a digital PLL since it alleviates the need for intermediate signal
conversion by a DAC. Furthermore, it addresses a major concern emerging
from deep-submicrometer PLL implementations. The supply voltage range is
constrained by the feature size of the complementary metal oxid semiconduc-
tor (CMOS) process [Sta+03]. Hence, the dynamic range of an analog varactor
control signal is bound and makes the frequency synthesizer prone to noise
degrading the overall SNR. On the downside, DCOs generally suffer from
discontinuities due to the nature of the discrete digital control.

Each tuning-bit modulates the driving inverter of a capacitor cell, switching
it either on or off. The oscillator output frequency is thus altered according to
the capacitor states, which corresponds to a digital-to-frequency conversion.
Therefore, the LC tank can be modeled as in figure 2.13. The capacitors
should be matched and are typically either binary or unitary weighted. A

Figure 2.10: Schematic of a basic ring oscillator.
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Figure 2.12: Example implementation of a DCO.
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C0C0 C1C1 CNCN

LL

ΔC 

Figure 2.13: Implementation of a capacitor bank for the LC tank of a DCO.

shunt capacitor 𝐶0 of unit weight is employed to ensure DCO operation at
default frequency for start-up when tuning word is not yet set to a valid
value.

𝐶𝑡𝑜𝑡 =

𝑁𝑜𝑛∑︁

𝑘=0

𝐶𝑘 (2.23)

= 𝐶0 +
𝑁∑︁

𝑘=1

2𝑘−1 · 𝑑𝑘Δ𝐶 (2.24)

The total capacitance𝐶𝑡𝑜𝑡 of a binary weighted capacitor bank is calculated as
the sum of all turned-on capacitors – see (2.23) – including the shunt capacitor.
This term can be enlarged to (2.24) which considers a binary control word
OTW. 𝑑𝑘 represents the k-th control bit of the capacitor bank. It should be
noted that the inversion of control bits is necessary to accommodate the direct
digital-to-frequency conversion with inverse relation between capacity and
frequency given by

𝑓 =
1

2𝜋 ·
√
𝐿𝐶𝑡𝑜𝑡

. (2.25)

The frequency steps are non-linear in regard to a single capacitor step Δ𝐶 .
However, applying the first derivative one can linearize the tuning steps 𝛿 𝑓/𝛿𝐶
for small deviations of the capacitor value:

Δ𝑓 (𝑓 ) = 𝛿 𝑓

𝛿𝐶
= −𝑓 Δ𝐶

2𝐶𝑡𝑜𝑡
. (2.26)

The total capacitance 𝐶𝑡𝑜𝑡 can be substituted with (2.25) resulting in a lin-

19



2 Fundamentals

earized frequency offset Δ𝑓 around a center frequency 𝑓 :

Δ𝑓 (𝑓 ) = −2𝜋2𝐿Δ𝐶𝑓 3 . (2.27)

2.1.5 Time-to-Digital Converters

As described in section 2.1.2, fractional-N PLLs allow to use reference frequen-
cies 𝑓𝑟𝑒 𝑓 greater than the channel spacing Δ𝑓𝑐ℎ . The integer phase counter
in the feedback path captures significant edges at multiples of the output
frequency 𝑓𝑑𝑐𝑜 . The remaining fractional error, 𝜀 [𝑘] as depicted in the re-
timing scheme in figure 2.8, appears as quantization noise, which increases
the phase noise at the DCO output. For mobile applications circuits should
keep the in-band phase noise below −100 dBc/Hz [VLC10b]. To fulfill the
given restrictions, the fractional portion of the output phase needs to be
measured and evaluated. Therefore, the concept of time-to-digital conversion
is introduced.

One of the most simple implementation of a TDC is a counter based structure.
Two modes of operation exist. Either the edges of the signal to be sampled
are counted during one reference period or the reference signal is a high
frequency signal operating on frequency 𝑓𝑐𝑜𝑢𝑛𝑡 ≫ 𝑓𝑠𝑖𝑔𝑛𝑎𝑙 and the reference
periods between successive signal edges are counted. The result is an integer
multiple of the higher frequency signal fitting in one slower signal period. The
highest possible time resolution is therefore limited by the high frequency
sampling signal. Some scalability in time resolution can be achieved by
adjusting the frequencies or measuring over multiple periods at the cost of
higher latency. The counter based TDC structure introduces quantization
error when the start and stop edges are not in phase with the signal edges.
The introduced measurement error is therefore up to two sampling signal
period.

An alternative method of converting time difference to a digital quantity is
utilizing delay elements and chains. Digital delay elements are buffers having
a control signal to slow the propagation of a signal edge. 𝑅𝑆 flip-flops are often
used as 1 bit TDCs able to detect which input is triggered first. The operational
table can be seen in table 2.1. The internal operating structure consists of
either cross coupled NAND or NOR gates, as can be seen in figure 2.14. They
are especially suited for TDCs because of the symmetric input impedance
[VLC10b].
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𝑆 𝑅 𝑄 𝑄

0 0 𝑄−1 𝑄−1 hold
0 1 0 1 reset
1 0 1 0 set
1 1 1 1 not allowed

Table 2.1: RS flip-flop operation
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(a) 𝑅𝑆 flip-flop.
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(b) 𝑅𝑆 flip-flop.

Figure 2.14: Flip-flop implementations.

A flash structure is the simplest delay-based TDC architecture. As depicted
in figure 2.15, the time comparison of the edge delays is accomplished by
𝑅𝑆 flip-flops. The first edge, called start signal, propagates the delay chain
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t

Figure 2.15: Flash-TDC with unit delay 𝑇𝐷 and 𝑅𝑆 flip-flops as time compara-
tors.

adding a delay of 𝑇𝐷 after each stage. The second edge, the stop signal, is
directly connected to the inverted set input of the flip-flops. The output 𝑄𝑖 of
the 𝑖-th stage toggles from ’1’ to ’0’ if the start signal has not yet arrived at
its inverted reset-port. However, if the stop edge arrives after the start edge
at the flip-flop, the previous ’1’ is registered in 𝑄𝑖 . The resulting output array
{𝑄1...𝑄𝑁 } contains the thermometer encoded time difference 𝑇 in terms of
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Figure 2.16: Vernier TDC.

𝑇𝐷 unit-delays:

𝑇 = 𝑇𝐷 ·
𝑁∑︁

𝑖=1

𝑄𝑖 . (2.28)

The resolution is limited by the smallest achievable time delay of the tech-
nology while the dynamic range is only limited by the number of delay cells
connected in series.

𝑇𝐿𝑆𝐵,𝑓 𝑙𝑎𝑠ℎ = 𝑇𝐷 (2.29)

𝐷𝑅𝑓 𝑙𝑎𝑠ℎ = 𝑛 ·𝑇𝐷 (2.30)

To allow finer time resolution the Vernier method can be employed [Bar57].
Here both edges – start and stop signal – are fed into delay lines with different
unit delays. The outputs are again connected to 𝑅𝑆 flip-flops (figure 2.16).
Thus, using this differential design, the resolution is no longer limited by
the absolute delay of the buffer elements but instead by the delay difference
between the two chains.

𝑇𝐿𝑆𝐵,𝑉𝑒𝑟𝑛𝑖𝑒𝑟 = 𝑇𝑠𝑙𝑜𝑤 −𝑇𝑓 𝑎𝑠𝑡 (2.31)

𝐷𝑅𝑉𝑒𝑟𝑛𝑖𝑒𝑟 = 𝑛 ·𝑇𝐿𝑆𝐵,𝑉𝑒𝑟𝑛𝑖𝑒𝑟 = 𝑛 · (𝑇𝑠𝑙𝑜𝑤 −𝑇𝑓 𝑎𝑠𝑡 ) (2.32)

Additionally to allowing much smaller unit delay to be resolved, the structure
is also more process, voltage, temperature (PVT) variation resistant because
these quantities affect both delay chains in the same way.

Other architectures also focus on improving the smallest possible time reso-
lution. E.g. pulse shrinking TDCs as presented in [Gra+18] utilize differences
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Figure 2.17: Two-Dimensional Vernier TDC Structure.

in delay of rising and falling edges to generate a slowly decaying pulse. Al-
ternatively several architectures exist to amplify the phase difference at the
input [LA08; Kwo+11].

To overcome the dynamic range limitations in Flash and Vernier TDC struc-
tures, several possibilities exist. One solution is to close the delay chains to
a feedback loop creating a ring oscillator. An inverter is connected to the
end of the delay chain and its output connected to the input of the first delay
element. Now, the start and stop signal can propagate endlessly through the
oscillator resulting in an infinite dynamic range.

Anothermethod is arranging the latches in a two-dimensionalmatrix [VLC10a].
Each delay element’s output is evaluated against every element’s output from
the other chain as can be seen in figure 2.17. The 𝑅𝑆-flip-flops will trigger in
diagonal succession while the delay difference accumulates. The fold back
point to the next diagonal line needs to occur after 𝑁𝑓 𝑜𝑙𝑑 stages to ensure a
continuous conversion as given in (2.33):

𝑁𝑓 𝑜𝑙𝑑 =

2𝑇𝑠𝑙𝑜𝑤 −𝑇𝑓 𝑎𝑠𝑡
𝑇𝐿𝑆𝐵

. (2.33)

Thus, the dynamic range per delay element is increased but non-linearities
are introduced at the folding points [VLC10a]. They are caused by a change of
number in delay elements used for the conversion. A solution to handle this
problem is presented in [WDW17] and [WD17]. The matrix is reconfigured
by placing subsequent evaluation points at the end of diagonal lines in a
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Figure 2.18: 2D Matrix structures.

spiral configuration as shown in figure 2.18. This minimizes the difference
of added non-linearities at the end of diagonal lines compared to the small
non-linearities at the beginning of the diagonal lines.

2.1.6 Noise in RF Circuits

Noise is caused by random processes in the devices. It includes but is not
limited to flicker and thermal noise. Random electron movement in the device
causes fluctuations of the voltages across the device. This thermal noise
affects all electronic devices. Its spectral density given in (2.34) is constant
over frequency. Flicker noise, also called 1

𝑓
noise, occurs in MOSFETs at the

interface between the gate oxide and the silicon. It is inversely proportional
to the frequency as can be seen in (2.35) [Raz01].

𝑆𝑡ℎ𝑒𝑟𝑚𝑎𝑙 (𝑓 ) = 4𝑘𝑇𝑅 (2.34)

𝑆 𝑓 𝑙𝑖𝑐𝑘𝑒𝑟 (𝑓 ) =
𝐾

𝐶𝑜𝑥𝑊𝐿
∗ 1

𝑓
(2.35)

Both contributions will effect the circuits in the form of jitter or phase noise.
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2.1.6.1 Power Supply Noise

Additionally, to noise processes in the devices, random fluctuations of the
supply voltage also affect the performance of electronic circuits. This so-called
power supply noise can have various sources such as:

• electromagnetic interference from external sources

• ground bounces on-chip or from the external printed circuit board
(PCB)

• simultaneous switching noise (SSN) from other circuits

Due to the close proximity of different subcircuits in integrated systems and
a lowered supply voltage, SSN is gaining importance in advanced submicrom-
eter nodes.

For digital logic cells, the current consumption depends on the switching
activity, transition time and output load. Charging and discharging the tran-
sistor’s gate capacity leads to an IR-drop on the supply voltage. Each activity
triggers further switching in successive cells. Since the digital signal process-
ing is in general clocked by a reference clock, the current drawn by the circuit
is periodic, causing a regular disturbance of the supply voltage that can be
described as power supply noise (PSN). This noise may also affect analog
and RF blocks on the design through direct cross-coupling. Additionally, a
similar affect can be observed from the analog circuits themselves. Due to
input signals controlled by a clocked circuit, thier activity is also changing
periodically. The power consumption of e.g. power amplifiers, dividers, etc.
is thus not constant but varies with the periodicity of the input signals.

2.1.6.2 Phase Noise

An ideal oscillator operates at a single frequency 𝑓0. The output 𝑣 (𝑡) can be
described by a sinusoidal function as written in (2.36) with amplitude 𝐴 and
a fixed phase reference 𝜙 [SFB05]. A Fourier transform of this signal results
in the single-sided spectrum consisting of a Dirac impulse at 𝑓0 defined by
(2.37) as shown in figure 2.19.

𝑣 (𝑡) = 𝐴 · cos(2𝜋 𝑓0𝑡 + 𝜙) (2.36)

𝑆𝑣 (𝑡) =
𝐴

2
· 𝛿 (𝑓 − 𝑓0) (2.37)
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Figure 2.19: Output spectrum of ideal (thick) and real (dashed) oscillator.

Noise and non-linearity in real oscillators exhibit small random phase vari-
ations 𝜙 (𝑡). These variations can be translated to frequency alterations by
(2.38), if the arbitrary assumption 𝜙 (𝑡) ≪ 1 rad holds:

𝑣 (𝑡) ≈ 𝐴 · cos(2𝜋 𝑓0𝑡) −𝐴𝜙 (𝑡) · sin(2𝜋 𝑓0𝑡) . (2.38)

This appears as smearing of the fundamental signal power in a real oscillator
over neighboring frequencies, shown in figure 2.19 by the dashed line, and
causes degradation of the overall SNR [Kes]. According to [Kun15], any
form of perturbation is amplified in the oscillator and appears mainly in the
phase. In steady-state operation, amplitude noise eventually decays over
time, whereas phase shifts are accumulated during operation leading to a
permanent phase shift Δ𝜙 . The power of the phase perturbation increases
with 1/Δ𝑓 2 in close vicinity to the oscillating frequency 𝑓0. Phase noise is
usually quantified within a 1-Hz unit bandwidth in a Δ𝑓 offset from the carrier
relative to the carrier power resulting in a single-sided spectral density (SSD)
given by (2.39):

L{Δ𝑓 } = 10 log

(
noise power in 1-Hz BW at 𝑓0 + Δ𝑓

carrier power

)
. (2.39)

By definition in [IEE08], the single-sided phase noise L{Δ𝑓 } is one half of
the noise spectrum 𝑆𝜙 (Δ𝑓 ).

The idealized phase noise spectrum of an oscillator is plotted in figure 2.20.
It shows the phase noise 𝑆𝜙 normalized to the carrier signal power in Δ𝑓

distance. Following four different regions can be identified:

1. Broadband thermal noise (𝑓 0): Out-of-band uncorrelated timing fluctua-
tions with flat spectral characteristic.
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Figure 2.20: Idealized phase noise regions in Δ𝑓 distance to carrier.

2. Flicker 1/𝑓 noise (𝑓 −1): Especially present in transistors due to random
generation and recombination of charge carriers and impurities in the
channel. It features a −10 dB/dec slope for frequencies in vicinity of the
carrier.

3. Upconverted thermal noise (𝑓 −2): Thermal fluctuations or white noise
upconverted by oscillator with −20 dB/dec slope.

4. Upconverted 1/𝑓 noise (𝑓 −3): Frequency-to-phase conversion (integra-
tion) adds a 20 dB/dec attenuation on top yielding a total of −30 dB/dec.

2.1.6.3 Ji�er

An equivalent description of noise contributions in time-domain is called jitter.
It is typically used when talking about clocked circuits. At each sampling
edge the circuit takes a snapshot of the input signal. Since the input signal
is generally not constant over time, any deviation of the exact sampling
point will create an error in the sampled value. These timing variation are
called aperture jitter, when referring to ADC. Random jitter causes a random
deviation in the sampled values, which can be described as additive noise and
thus a deterioration of the SNR [RTL09].

Electric thermal noise is causing timing deviations Δ𝑡 𝑗 following an additive
white gausian noise (AWGN) distribution. The deviation is additive to the
corresponding period𝑇𝑗 as in (2.40) but will affect consecutive periods. Hence,
it is referred to as non-accumulative jitter depicted in figure 2.21:

𝑡 𝑗 = 𝑗 ·𝑇 + Δ𝑡 𝑗 . (2.40)

27



2 Fundamentals

Tactual Tactual

TidealTidealT 2T 3T 4T 5T T 2T 3T 4T 5T

Δt1 Δt2 Δt3 Δt4 Δt5 ΔT1 ΔT2 ΔT3 ΔT4 ΔT5

Figure 2.21: Timing jitter as non-accumulative (left) and accumulative (right)
jitter.

The variance 𝜎Δ𝑡 can be derived from the total noise power. The single-sided
spectral density L of the noise floor is multiplied by two and integrated up
to the Nyquist frequency. The square root of this power is called rms jitter
which then is normalized with 𝑇0/2𝜋 . Rearrangement yields

𝜎Δ𝑡 =
1

2𝜋

√︄
10L/10

𝑓
. (2.41)

Upconverted thermal noise can be described similarly. As before, jitter fol-
lowing an AWGN distribution is added to each period𝑇𝑗 . However, the excess
phase close to the carrier does not diminish. Therefore, this random jitter is
additive to each following period as seen in (2.42) and called accumulative
jitter (figure 2.21):

𝑡 𝑗 = 𝑗 ·𝑇 +
𝑗∑︁

𝑖=0

Δ𝑇𝑖 . (2.42)

The rms jitter of this noise type is computed with the following equation
[WK08]:

𝜎Δ𝑇 =
Δ𝑓

𝑓

√︄
10L/10

𝑓
. (2.43)

Transforming flicker noise to an equivalent jitter distribution can be done
with different techniques such as shaping flat white spectral noise with a filter
chain to gain a −10 dB/dec slope [SFB05] or by utilizing a random number
generator with the Voss-McCartney algorithm [Vos78].

Susceptibility to clock jitter is a known weakness of continuous-time delta
sigma ADC. Firstly, it causes a sampling error at the internal ADC, although
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this noise has a comparably small effect on the overall performance, because it
is shaped by the NTF and therefore attenuated. Secondly, the jitter causes an
error in the internal DAC. This noise in turn is not attenuated in signal band,
but transferred by the STF. Thus, its influence is much more severe. By using
internal multi-bit ADCs and DACs the effect of jitter can be reduced [OG06].

2.2 Simulation Methods

To ensure the correct functionality of the developed systems, a circuit verifica-
tion is necessary. Since verification on real prototypes is in general impractical
and expensive for integrated circuits, a computer aided method needs to be
used. There are two major categories to classify these approaches [Seg+04]:

• formal verification

• simulation-based analysis

Formal verification tries to mathematically prove the equivalence between
two system descriptions [Lam05], e.g. the circuit model and its specification
or the high-level model and its synthesized version. It is well suited to be used
in digital systems, which posses a limited number of possible states. Analog
signals do not have discrete states but a continuous state space [WA14].
Therefore, formal verification methods are mostly unsuited for analog or
mixed-signal circuits, although there exist some approaches to discretize the
available state space [SH08; Ste11].

In contrast to formal verification methods, simulation based circuit analysis
does not check the mathematical correctness of the system but analyses the
circuit behavior for a defined set of input stimuli. Since it is impossible to
simulate all input stimuli in an acceptable amount of time, test scenarios have
to be selected that allow conclusions of the circuit’s behavior and performance
to be drawn. A typical virtual test environment is shown in figure 2.22. The
set of needed stimuli to address the device under test (DUT) is derived from
the product specification. To allow an automated verification of the DUT
output the driving signals are passed to a golden reference model created
directly from the specification [Ber12]. A scoreboard compares the reference
output with the monitored values from the DUT. If the reference model does
not exist, the signals need to be checked in the monitor if they adhere to the
allowed specification.
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Figure 2.22: Typical testbench environment.

Different simulation methods exist depending on the abstraction level. For
circuit level simulation matrix-based analog simulations and event-driven
digital simulations are the most common.

2.2.1 Matrix-based Analog Simulations

Matrix-based circuit simulations use nodal analysis to create a formalized
description of the electrical circuit and its components. The electrical system
is a conservative system where each node is described by its voltage and the
currents flowing between them [FM98]. The relationship between current and
voltage is given by the characteristic equation of the electrical components.
As an example, for a resistance, Ohm’s law describes the linear relation
between voltage difference and current. Following Kirchhoff’s law, which
states that the sum of all currents in a node is equal to zero,a nonlinear system
of differential equations that describe the circuit is created [War09]. The
Modified Nodal Analysis extends the nodal analysis with a few exception
for ideal or controlled voltage sources, which allows a completely systematic
approach to building the circuit description that can be implemented in a
computer.

30



2.2 Simulation Methods

The equation system needs to be solved during simulation. Several analysis
methods can be used. One of the straight forward approaches is called tran-
sient simulation which solves the differential equations in time-domain. The
equations are transformed to a set of difference equations using integration
methods [Kun06]. Next the system of equations is solved numerically by
iterative methods such as the Newton-Raphson algorithm [Ypm95]. While
the transient system analysis can be run on any circuit with no limitations
on the linearity or periodicity of the signals, the time steps chosen typically
depend on the highest frequency present in the system. Thus it is not well
suited for long time constants in systems with high frequency components.

Direct current (DC) simulations assume a steady state of the system and
calculate a static operating point for the circuit. Thus, all inductors are treated
as shorts while the capacitances are regarded as open clamps [War09]. The
simplified set of equation can be solved with the same algorithms as transient
simulations. The results can be used for a starting point for other simulations
like the transient simulations described above or the small signal analysis.

The small signal or alternating current (AC) analysis calculates the circuits
response for a linearized system in the frequency domain. It is assumed
that nonlinearities of the circuit can be neglected since the amplitudes of
the input signals are small. Typically it is run after a DC simulation which
determines the operating point around which the system is linearized. Due
to the linearization AC simulations are suitable to quickly provide transfer
functions for circuit blocks, such as the power supply rejection ratio of a
low-dropout regulator (LDO). However, the operating point needs to be stable
during the operation and the effect of nonlinearities can not be considered.

Thus, the AC analysis is often not sufficient for RF circuits. On the other hand,
transient simulations are also not well suited since the highest frequencies
in the system often lie in the GHz-range while other subsystems have time
constants of a few milliseconds. Knowing the circuit will end up in a steady
state, RF simulation methods exploit these characteristics to find a periodic
stable operating point. The two main RF simualtion methods are Periodic-
Steady-State and Harmonic Balance [Kun97].

The Periodic-steady-state (PSS) assumes a periodicity with a duration 𝑇 for
all currents and voltages in the system. Thus the system is in a steady state.
It can be solved in time domain similarly to a transient simulation with the
additional boundary condition:

𝑣 (𝑡0 +𝑇 ) = 𝑣 (𝑡0) . (2.44)
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Additional small-signal analyses can be applied to the so found steady-state
solution, e.g. pac or pnoise [Kun97].

Harmonic balance (HB) simulation method works similarly, but in contrast to
PSS the initial steady-state solution is computed in the frequency domain. It
is assumed that all variables can be written in the form

𝑣 (𝑡) =
∑︁

𝑘

sin(𝑘 · 𝜔 · 𝑡) . (2.45)

The approach can also be extended tomultiple fundamental frequencies [PC03].
Similarly to PSS, extending small-signal simulations exist. Which simulation
approach is better suited depends on the circuit. Typically, HB is preferred if
only a small number of harmonics is of interest, while PSS is used for systems
with large discontinuities [Kun97].

2.2.2 Event-driven Digital Simulations

Matrix-based simulation methods as described above are only suited to han-
dle small to medium sized circuits. For each time step the complete set of
equations needs to be solved. In general this is of complexity 𝑂 (𝑛3) [Sto13].
Using an intelligent re-partitioning of the typically sparsely populated matrix,
allows to reduce the effort to ∼ 𝑂 (𝑛1.5) [Shi10]. Nevertheless, even slow
changing nodes need to be recalculated in every time step which makes it
inefficient especially in circuits with largely different time constants.

Event-driven simulations try to solve this by applying an unidirectional signal
flow. Thus, there is no influence from the output of a component on its inputs.
This allows to only reevaluate the components equations if one of the input
changes. Since the influence from a logic circuit on its input gates is negligible,
this technique is especially suited for digital circuits. A further abstraction to
Boolean logic reduces the solution space drastically.

Hardware description languages (HDLs) are used to describe the systems to be
simulated. The most common languages are very high speed integrated circuit
hardware description language (VHDL), SystemVerilog (SV) and SystemC
(SC). Components are defined by their input and output ports. Sensitivity lists
handle which outputs need to be reevaluated if an input changes. A global
event queue schedules which evaluations and updates need to be executed. It
is visualized in figure 2.23. A problem occurs if two signals simultaneously
trigger an update of a component. In real hardware both effects happen
concurrently but for simulation on a computer they need to be executed
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Figure 2.23: Event-driven simulation process.

sequentially. Therefore, infinitesimal simulation time steps 𝑡Δ are introduced.
Output signals are typically only updated after all Δ cycles are processed,
thus ensuring a predictable and repeatable behavior.

Main advantage of event-driven simulations is the reduced computational
effort. Signals do not need to be recalculated at each time step but only
after a change in a related signal [Kes12]. The effects can be solved locally
in a single time step. Thus, it is possible to simulate periods with little
activity with a small number of simulation steps. The gain in simulation
speed is traded for some loss in accuracy compared to SPICE-like matrix-
based simulations [Acu+90].

2.2.3 Mixed-Signal Simulations

Today’s SoCs are typically mixed-signal systems containing analog and digital
parts. The verification of these systems is a challenging task since both digital
and analog as well as their interactions need to be simulated [Shi10]. Mixed-
mode simulators handle these tasks by running both the matrix-based analog
simulation and the event-driven digital simulation in parallel [Acu+90]. To
be able to do so two main challenges have to be resolved:

1. different time concept of both simulators

2. translation of the signal representation between simulators

As described in section 2.2.2 digital simulators use a set of events at discrete
times to update the systems state while analog simulators have a continuous
time that is sampled at variable time steps depending on the involved signals.
A mechanism is needed to synchronize these two time concepts. One solution
is to run both simulations independently. If an event in either simulation
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affects the other one, this simulation has to retrace to that time and restart with
the changed input conditions. This method is called backtracking [Acu+90].
In an alternative approach called lockstep [Zwo+95] both simulators can run
on a fixed time step at which re-synchronization happens. The analog solver
can further reduce the time steps if necessary.

For signal representation a translation between the continuous analog and dis-
crete digital signals is needed. Connect modules are inserted automatically by
the simulator at the border between simulation domains [FO00]. To allow the
translation some assumptions regrading current drive and input impedance
are needed. To enable a more fine-grained control of the analog properties, ex-
tensions to the classical HDLs have been specified, e.g. Verilog AMS [EDA14]
and VHDL AMS [IEE99]. They can further be used to replace transistor-level
implementations, which are simulated in the analog solver, with higher level
macro models to speed up the overall simulation.

The mixed-mode simulators are well suited for medium-sized circuits. How-
ever, for large systems, especially with large analog parts, the analog solver
dominates the simulation speed [VOM15]. While the performance of the
digital simulator scales linear with size due to the signal flow approach, the
performance of the analog solver scales superlinear. Therefore, real number
modeling (RNM) and the development of signal flow based analog macro
models has been widely adopted over the last years [Shi10; VOM15; Dav10].
For instance, SV [IEE13] and VHDL [IEE09] also support floating point vari-
ables. The analog circuit blocks are simplified in such a way, that outputs
can be calculated directly from the input values. Continuous changes need
to be sampled instead. These models are well suited to allow fast functional
verification of large and complex systems [Dav10].

2.3 Circuit Modeling in SystemVerilog

SystemVerilog is a HDL, that can be used for describing hardware designs as
well as implementing testbenches. It is an extension to the Verilog Hardware
Description Language as standardized in the IEEE Standard 1364-2001 [IEE01].
Syntactically SV is similar to C++ [Spe08].

Complex design structures are typically described in a hierarchical way, com-
bining common building blocks. As Verilog, SV uses modules to describe
hierarchical structures. Typically modules are either described as a set of
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1 module EXAMPLE (

2 A, B, C, Y, Z

3 )

4 //port and parameter definitions

5 input A,B,C;

6 output Y, Z;

7 inout VDD,VSS;

8

9 logic A,B,Z;

10

11 real C, Y;

12

13 parameter real multiplicator = 2.3;

14

15 //variable definitions

16 real pi = 3.14;

17

18 initial begin

19 // description of initial condition

20 Z <= '1;

21 end

22

23 // continuous assignment

24 assign Y = C * multiplicator + pi;

25

26 always @(A,B) begin

27 // code to update module

28 Z <= A + B;

29 end

30

31 endmodule

Listing 2.1: SV module description.

submodules and their connections or directly characterized by their function-
ality [SDF06]. To communicate with the outside world modules contain input
and output ports. These ports have a data type associated with them and are
connected via nets of the same data types.

Listing 2.1 shows the structure of a typical SV module. At first the ports are
declared (ln. 2). Afterwards the port type and directions as well as additional
parameters and variables are defined (ln. 5-16). For an event-driven description
of a module’s functionality two blocks of code are used. The initial block
(ln. 18-22) is evaluated at module creation. It therefore describes the starting
conditions of the module. During simulation signal changes trigger always
@() blocks (ln. 24-28). The code in these blocks models the functionality of
the module. The sensitivity list@(A,B) is used to define which signal changes
trigger the execution of the block. Multiple always blocks with different
sensitivity lists can be used to model different aspects of the blocks behavior
separately. Alternatively, the assign statement can be used for continuous
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module block;
output wire logic signal;

var logic internal;

assign signal=internal;

module block;
output wire logic signal;

var logic internal;

assign signal=internal;

net

resolve. . .

module block;
input wire logic signal;

var logic internal;

assign internal=signal;

1b’0

1b’1

1b’x

Figure 2.24: SystemVerilog net functionality.

assignments.

To be able to model hardware behavior of signals SV includes two diferent
types: variables and wire. Variables behave similar to what is known from
sequential programming, in the sense, that a variable’s value is equal to the
value lastly written to it. Wires, on the other hand, allow multiple different
drivers writing to them simultaneously. An internal net resolution function
resolves these multiple drivers and calculates the resulting output value as
shown in figure 2.24.

The goal of SV is to have a unified HDL to describe verification and design.
Therefore, several features were added to the Verilog standard that was most
suited for design descriptions [Spe08].

New data types like enumerations, logic and structs can be used. Especially
structs are an advantage because they allow storing multiple information
in the same variable. The newly added user-defined nets and resolution
functions allow passing this information over a single port. An example
declaration of these user-defined data type (UDT) and user-defined resolution
function (UDR) is presented in listing 2.2. Also, SV introduces object-oriented
programming concepts. While Verilog had a strong division between data
and functions that use these data, an object-oriented approach defines data
structures and methods that work on these data together. The structuring
of code in classes simplifies the reuse of code in different scenarios. This is
especially useful when implementing testbenches or models to be used in dif-
ferent projects. It allows to describe the functionality on a higher abstraction
level, decoupling it from the design details.

Additionally, the DPI gives access to C/C++ functions allowing the reuse of
common system libraries. These libraries include several functionalities al-
ready implemented in an efficient way which can be used for modeling the
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1 typdef struct{

2 int a;

3 real b;

4 bit [0:3] data;

5 } exampleStruct;

6

7 function automatic exampleStruct res_function (input exampleStruct driver[])

8 // Implementation of the resolution function goes here

9 res_function.a = driver[0].a;

10

11 res_function.b = 0;

12 foreach (driver[i]) begin

13 resfunction.b += driver[i].b;

14 resfunction.data = (res_function.data ~= driver[i].data);

15 end

16

17 endfunction : res_function

18

19 nettype exampleStruct exampleNet with res_function;

Listing 2.2: Definition of a UDT and UDR in SV.

system behavior. Also custom written C++ code can be integrated into SV
functions. To use an external function in SV it has to be declared:

1 import "DPI-C" pure function int add(input int a,b);

Listing 2.3: Declaration of a C function in SV.

Most SV data types translate to an equivalent data type in C. The complete
table can be found in [Spe08]. An important data type to be passed back from
C++ is a pointer. A special SV data type chandle exists to store pointers. Listing
2.4 shows the SV declaration of a function to create a new C++ class object.

1 import "DPI-C" function chandle LogicCell_create(input string CellName);

Listing 2.4: Declaration of a function to create a new C++ object in SV.

The DPI can only connect to C++ functions known at link time. Thus C++ class
methods, that depend on objects created at runtime, need to be exposed as
static C functions. As an example the C++ constructor for the class object from
Listing 2.4 is given in Listing 2.5
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1 #include "LogicCell.h"

2 external C void* LogicCell_create(char* CellName) {

3 return new LogicCell(std::string(CellName));

4 }

Listing 2.5: C++ constructor exposed for SV DPI.
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CHAPTER 3

AMS MODELING FRAMEWORK

3.1 Generic Simulation Framework

As already introduced in section 2.2.2 several hardware description languages
exist to model digital circuits. Most have introduced extensions to also allow
modeling analog behavior, though these are still solved in a node-based simu-
lator, thus, negating the speed advantages of a signal flow based simulation.
RNM, as explained in [VOM15], limits itself to a pure event-driven simulator
to keep this advantage. This approach is further extended in this thesis to
enable an accurate and efficient description of analog signals. Part of the
results have already been published in [Spe+18] and are further expanded in
this work.

3.1.1 Framework Structure

The developed framework uses a co-implementation in SystemVerilog and C++

to gain the advantages of both programming languages. SV is well supported
and integrated in industry standard integrated development environments
(IDEs) and verification environments, which allows for an easy inclusion of
the framework in existing setups. Furthermore, SV already includes a native
implementation of concurrently running task as well as a notion of time that
can be reused in the framework.

However, the native analog signal processing capabilities of SV are limited.
Therefore, the signal descriptions and behavior of the blocks are implemented
in C++ classes. The SV DPI defines a way to bind precompiled C++ code which
allows the SV models to access the data and functions on C++ side and vice-
versa.

Figure 3.1 shows the implementation structure. The SystemVerilog modules
provide pin-equivalent views of the analog building blocks. They should be
abstracted on a low hierarchical level — ideally just above transistor level
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schematic

SV module

SV moduleSV module

schematic

AMS_Port AMS_Block AMS_Signal AMS_Net

...
AMS_Port

_Spectral

...
AMS_Block

_Spectral

AMS_LNA AMS_Filter

...
AMS_Signal

_Spectral

AMS_Net

_Spectral ...

...

Figure 3.1: Overview of AMS Simulation Framework.

— to allow the verification of the genuine analog toplevel view. This way
the actual connections from the higher level schematics are simulated and
verified. Furthermore, the low abstraction level simplifies the complexity of
the circuits to be modeled. For each modeled element a corresponding block,
port, net and signal C++ object is created. Specialized classes exist for different
usecases. They are structured hierarchically under abstract parent classes.
The parent classes provide a unified application programming interface (API)
and allow a structured, standardized way of creating and interacting with the
C++ objects. Also they collect common code, that can be reused in the child
classes to avoid error-rone re-implementations.

To enable use case specific electrical data types, SV supports user-defined data
types (UDTs) and user-defined nets (UDNs). Unfortunately, the UDN comes
with some restrictions. E.g. the data type of the net needs to have a predefined
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size, it does not support structures with a dynamic amount of components.
But most noticeably pointers are not directly supported as well. Thus, for a
generic framework a workaround is needed. The framework implements an
ID based signaling system. Unique IDs are passed from the ports to nets and
from nets to successive ports. The IDs can be used to query a TransactionItem
object on C++ side which holds the pointers to all port, net and signal objects
involved. Further, the sign of the IDs are used to indicate activity on the net
and schedule a reevaluation of the blocks state.

3.1.2 Framework Initialization

The C++ classes are implemented in a pre-compiled library that needs to be
included in the event-driven simulator. While for a given simulation the SV
modules are statically compiled when invoking the simulator, the C++ objects
need to be created dynamically during the simulation. Thus, at the beginning
of each simulation an initialization stage is necessary.

In a first step the AMS_Block and AMS_Port objects for each SV module are
created and prepared in an initial state. The AMS_Ports create the initial output
AMS_Signal objects and AMS_TransactionItems with unique IDs to be written on
the net (see figure 3.2a).

The writing of the IDs activates the net resolution function. The function
is shown in listing 3.1. Since the transaction items do not yet hold any net
pointer, the creation of AMS_Net objects is triggered. The nets create new
AMS_Signals, that hold the resolved signal if needed, and a new ID for them.
They are then passed to the successive SV modules (figure 3.2b).

The new available signals are received by the SV modules due to the change
of the ID. The input ports are now able to retrieve the net information from
the transaction item and connect themselves (figure 3.2c). This allows to pass
e.g. needed electrical information contrary to the main signal flow direction.
Having all electrical and connect information available, next the first valid
signals can be written by the outputs and nets. From now on during the
simulation only an evaluation routine needs to be called to update the block’s
state.
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,

1 typedef real signal_type;

2 function automatic signal_type net_eval ( input signal_type driver[] );

3 chandle net_pointer, transitem_pointer;

4 if (driver[0] != 0) begin

5 if (AMS_Transaction_get_port( AMS_Transaction_get_ptr(driver[0])) == null) begin

6 net_eval = driver[0];

7 end else begin

8 net_pointer = AMS_Transaction_get_net( AMS_Transaction_get_ptr(driver[0]));

9 if (net_pointer == null) begin : Creation

10 net_pointer = AMS_Net_new_by_port_type( AMS_Transaction_get_port(

AMS_Transaction_get_ptr(driver[0]) ));↩→
11 foreach (driver[i]) begin : Connect_Ports

12 if (driver[i] != 0 && AMS_Transaction_get_port( AMS_Transaction_get_ptr(driver[i])) != null)

begin↩→
13 transitem_pointer = AMS_Transaction_get_ptr(driver[i]);

14 if(AMS_Transaction_get_net(transitem_pointer) == null) begin

15 AMS_Transaction_set_net(transitem_pointer,net_pointer);

16 AMS_Net_add_port(net_pointer, AMS_Transaction_get_port(transitem_pointer));

17 end

18 end

19 end : Connect_Ports

20 AMS_Object_prepare(net_pointer);

21 transitem_pointer = AMS_new("AMS_Transaction");

22 AMS_Transaction_set_net(transitem_pointer,net_pointer);

23 net_eval = AMS_Net_get_transitem_id_number(net_pointer);

24 end : Creation

25 else begin

26 if(AMS_Object_get_initialized(net_pointer) == 0) begin : Initialization

27 AMS_Object_initialize(net_pointer);

28 net_eval = AMS_Net_get_transitem_id_number(net_pointer);

29 end : Initialization

30 else begin : Evaluation

31 AMS_Net_evaluate(net_pointer);

32 net_eval = AMS_Net_get_transitem_id_number(net_pointer);

33 end : Evaluation

34 end

35 end

36 end

37 endfunction

38 nettype signal_type signal_net with net_eval;

Listing 3.1: AMS signal net evaluation routine.
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Figure 3.3: GUI to select toplevel and leaf cells to be modeled.

3.1.3 Model Creation

As can be seen from the previous section, the setup allows for a well defined
and clearly structured SV module description. An example can be found
in listing A.1 in the appendix. After the definition of some parameters and
variables, the SV ports are defined. It is followed by a section that holds the
pointers to the C++ AMS_Block and AMS_Port objects. The initial block contains
the setup procedure, while the always block holds the initialization and eval-
uation routine. An additional block allows the probing of the C++ AMS_Signal

objects for plotting with the integrated waveform viewer.

As can be seen the code is long and repetitive but only contains small parts
that are block dependent. Thus, the whole description can be generated
automatically from only the port list and AMS_Block properties. For this pur-
pose a graphical user interface (GUI) has been developed. In a first step,
the design hierarchy is extracted from the schematic and the leaf cells to
be modeled are chosen (figure 3.3). For each model then the appropriate
AMS_Block implementation has to be decided (figure 3.4). The available blocks
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Figure 3.4: GUI to parameterize and generate SV model implementation.

and necessary parameters are extracted from the DPI description. Thus, they
adapt automatically if new blocks or parameters are added.

3.2 Signal Descriptions for RF Systems

Signals hold information about the system’s behavior. They are time varying
functions that hold properties that need to be exchanged between different
parts of the system. On the lowest abstraction level the signals directly hold
the relevant electrical properties like voltage, current or charge. For higher-
level modeling also non-electrical properties, e.g. frequency or phase, are
possible.

47



3 AMS Modeling Framework

To efficiently simulate large systems, choosing a suitable signal domain for
high-level models can simplify the system description considerably. Looking
for example on a PLL, the transfer function from the reference input to the
PLL‘s output is highly nonlinear in the voltage domain but the frequency
of the output is almost constant and the phase quasi linear. A description
in the phase domain is thus beneficial to circumvent the description of the
nonlinearity. Fourier and Laplace transforms can be used to change the signal
from a time-dependent to a frequency or 𝑠-domain representation and vice-
versa. Thus, they can be utilized to translate signals to a representation that
is most suited for the application. E.g. while nonlinearities are beneficial
to be described in time-domain, the frequency domain efficiently allows the
description of linear systems.

In the simulation framework the AMS_Signal class serves as a common base
to other domain specific implementations. Four different classes have been
implemented for specific use-cases:

1. Digital: 4-state logic for configuration etc.

2. Biasing: electrical description for quasi static signals

3. Spectral: Fourier domain signal suitable for modulated RF signals

4. Laplace Representation: for aperiodic processes

Each signal class is accompanied by an AMS_Port class that holds the physical
properties that affect the signal and an AMS_Net class to resolve conflicting
drivers and multiple loads.

3.2.1 Time-Varying Digital Signal

To describe discrete-valued signals a 4-state logic data type similar to the
existing data types in VHDL or SV is implemented. It can take the following
four states:

• ’0’: logical low level value

• ’1’: logical high level value

• ’Z’: high ohmic or floating state

• ’X’: unknown or conflicting state
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The propagation delay of asynchronous logic through its implementation
blocks depends on the connected gate capacitance as well as the driving
strength of the cell itself. For static timing analysis during synthesis timings
in digital standard cells are characterized dependent on output load capaci-
tance, supply voltage and input transition steepness. To allow a reuse of this
characterization data to dynamically adapt propagation delays during the
simulation, the Logic signal type is extended by additional variables holding
the rise/fall time. The capacitance value is supplied by the port object while
the block can provide the current supply voltage.

3.2.2 Electrical Biasing Signal

To offer non-binary control signals, e.g. biasing currents or reference voltages,
a separate signal class has been implemented. It provides an electrical pass-
band signal description. A simple piece-wise-constant implementation was
chosen. An important feature of the net type is to resolve situations with
multiple drivers or loads. For instance, a reference voltage can be connected
to multiple sub-circuits or alternative sources for biasing currents during start-
up and normal operation might be present. Thus, the ports are implemented
as Norton equivalent providing an output current and an input resistance. The
net then resolves all current sources and connected loads to a net voltage.

3.2.3 Baseband Equivalent and Spectral Signal

Pass-band signals as described in section 3.2.2 are a suitable signal description
for slow-varying signals, but not ideal for high frequency communications.
To correctly reconstruct RF signals in the GHz-range they need to be sampled
with at least double the highest frequency component to fulfill the Nyquist
theorem. Thus sampling time steps of only a couple picoseconds are needed.
But adding some additional knowledge about the RF signal properties allows
to find a more suitable representation. RF signals are typically band-pass
signals which means all information is centered in a small band around a
constant carrier frequency. Thus, all modulated RF signals can be described by
(3.2) [Che09]. The fast oscillating carrier exp( 𝑗𝜔𝑡) has a constant frequency
while the complex envelope 𝑐 (𝑡) is only slowly varying.

𝑥 (𝑡) = 𝐼 (𝑡) · cos(𝜔𝑡) +𝑄 (𝑡) · sin(𝜔𝑡) (3.1)

= ℜ{𝑐 (𝑡) · exp( 𝑗𝜔𝑡)} (3.2)
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Figure 3.5: Visualization of the coordinate change by baseband equivalent
signals.

The description can be visualized as a change in the coordinate system. While
𝑥 (𝑡) is rotating with 𝜔 (𝑡) in a fixed system, the baseband equivalent system
itself is rotating with 𝜔0 as shown in figure 3.5. Thus, the remaining variation
of 𝑥 (𝑡) is relatively slow. To reconstruct 𝑐 (𝑡) only a sampling rate of double
the bandwidth of the original signal is needed, which is often lower by three
to four orders of magnitude.

The baseband equivalent signal description offers a compact and fast rep-
resentation for ideal modulated RF systems. It can efficiently describe the
signal by only passing the center frequency 𝜔 and the two components of
the complex envelope 𝐼 (𝑡) and 𝑄 (𝑡). Considering nonlinearites, however, the
representation is not ideal. A nonlinearity causes harmonic frequency compo-
nents at multiples of the base frequency. If they were to be modulated as part
of the envelope signal, it negates the advantages gained through the small
bandwidth of the system. A similar scenario arises if two input tones need to
be considered, as the intermodulation products also add further frequency
components.

To keep the advantages of the baseband equivalent signal description, the
signal needs to be extended to a sum of multiple baseband signals as shown
in (3.3). The idea has been published in [Spe+18].

𝑥 (𝑡) =
∑︁

𝑘

𝑐𝑘 (𝑡) · 𝑒𝑥𝑝 ( 𝑗𝜔𝑘𝑡) (3.3)

The number of frequency components depends on the number of independent
fundamental tones and the number of harmonics per tone to be considered.
𝑐𝑘 (𝑡) holds the time-varying amplitudes of the corresponding center fre-
quency. They can be visualized as a multidimensional plane, where each
fundamental tone adds a new dimension. The number of harmonics are give
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Figure 3.6: Two-dimensional spectral signal representation.

by the samples per dimension. 𝑐𝑘 then fills the sampling points. While the
fundamental tones and harmonics lie on the axis, the intermoduation products
fill the other matrix positions. An example for two dimensions is shown in
figure 3.6.

To be able to efficiently evaluate nonlinearites the signal needs to be trans-
ferred to the time-domain and solved there, as is the case in most HB algo-
rithms as well [Kun97]. Interpreting the factors 𝑐𝑘 (𝑡) as Fourier coefficients
of the signal, a multidimensional inverse fast Fourier transform (IFFT) can be
applied to transform the spectral signal to the time-domain.

3.2.4 Laplace Domain Based Signal

The frequency domain modeling approach described in section 3.2.3 assumes
a quasi-periodic state of the modeled signal. Thus, it is not suited to analyze
the transient behavior of the investigated systems. The piece-wise-constant
signaling introduced in section 3.2.2 is a good real number approximation for
transient signals. Using higher order polynomials for modeling, e.g. 1𝑠𝑡 order
or piece-wise-linear approximation, it is possible to increase the accuracy to
some extent but in general a high sampling rate is needed to decrease the
approximation error.
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Step: 
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Figure 3.7: Example functions representable by the XREAL group introduced
in [Jan+12].

A different concept was proposed by Jang, Park, Lee, and Kim in [Jan+12].
They assume that all relevant signals can be described by a piece-wise superpo-
sition from a group of base functions that in Laplace domain are represented
as rational function. The group includes e.g. step function, polynomials,
sinusoidal and exponential functions as shown in figure 3.7. A compact and
parameterized version in the 𝑠-domain is shown in (3.4). The time-domain
equivalent description is shown in (3.5).

𝑋 (𝑠) =
∑︁

𝑘

𝑏𝑘

(𝑠 − 𝑎𝑘 )𝑚𝑘
occuring at 𝑡0,𝑘 , (3.4)

𝑥 (𝑡) =
∑︁

𝑘

𝑏𝑘

(𝑚𝑘 − 1)! · (𝑡 − 𝑡0,𝑘 )
𝑚𝑘 · exp(𝑎𝑘 · (𝑡 − 𝑡0,𝑘 )) · 𝑢 (𝑡 − 𝑡0,𝑘 ) (3.5)

The C++ class AMS_Signal_LaplaceRepresentation implements the XREAL type
as std::vector as shown in listing 3.2. This allows an efficient implementa-
tion of common base operations on the signal. For example the sum of two
signals is implemented by merging both component vectors while the mul-
tiplication with a constant is implemented by scaling the coefficient 𝑏 of all
components.

3.3 Modeling Power Supply

The previous sections have focused on modeling techniques for the main
signal path. But since most bugs introduced in integrated circuits are control,
configuration, interface, interconnect and integration (C2I3) errors [Shi10], it
is important to create pin-equivalent models including the supply connections.
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,

1 #pragma once

2

3 #include "AMS_Signal.h"

4 #include <vector>

5 #include <complex>

6

7 class AMS_Signal_LaplaceRepresentation: public AMS_Signal {

8 public:

9 /** \brief struct definition for a base function representation in Laplace domain

10 *

11 * All base functions are of the form \f$ b \cdot (t - t_0)^{m-1} \cdot \exp{(-a \cdot (t-t_0))} \cdot

\mathrm{u}(t-t_0) + initValue \f$↩→
12 * or in Laplace domain \f$ \frac{b}{(s + a)^m} \f$.

13 */

14 typedef struct {

15 complex<double> a, ///< pol of the Laplace representation

16 b; ///< amplitude of the Laplace representation

17 double m; ///< exponent m of Laplace representation

18 double t_0; ///< last update time

19 } parameter_set;

20

21 protected:

22 /// vector holding all base function contributions to the signal

23 vector<parameter_set> signal_representation;

24

25 public:

26 AMS_Signal_LaplaceRepresentation();

27 virtual ~AMS_Signal_LaplaceRepresentation();

28

29 void add_parameter_set(const complex<double> a, const complex<double> b, const double m, const double

t_0);↩→
30 void add_parameter_set(const parameter_set& set);

31 void clear_parameters();

32 void manipulate_parameter_set(int set_number, complex<double> amplitude, double sv_time);

33

34 void append(const AMS_Signal_LaplaceRepresentation* const signal);

35

36 complex<double> calculate_value(double sv_time) const;

37 complex<double> get_settle_value();

38

39 complex<double> calculate_nth_derivative(double sv_time, int n) const;

40 void signal_multiplication_by_constant(complex<double> factor);

41

42 double return_crossing_time(double crossing_value, double tolerance, double sv_time);

43 void get_resampled_signal(const AMS_Signal_LaplaceRepresentation* const input_signal, double sv_time);

44 };

Listing 3.2: AMS_Signal_LaplaceRepresentation header file with class defini-
tion.
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Figure 3.8: Inheritance diagram for supply signal.

Otherwise subtle errors on the boarders of two supply domains cannot be
detected. Furthermore, cross-coupling and PSN is gaining impact in small
technology nodes and can affect the overall circuit performance.

3.3.1 Power Supply Signal

Compared to other connections in an integrated circuit the supply takes a
special position as it can serve different purposes. Mainly, of course, it has
to supply power to the block. Here the transient behavior of the supply
voltage and currents are of interest, especially during turn-on and -off of
separate subsystems. But the stable supply can also be reused to provide
an always-high – or in the case of the ground lines an always-low – logic
level. It can be reused as a biasing input. Lastly it also provides an unwanted
coupling path between different subcircuit that needs to be analyzed to ensure
proper operation of the complete system. For each of the described purposes
a different signal description from the previous section 3.2 is best suited.
The transient settling is efficiently described by the Laplace representation,
cross-coupling possibly using the spectral signals, while for tie-high (TIEH)
and tie-low (TIEL) functionalities logic signals are needed. C++ inheritance
allows for multiple parent classes. Thus, the AMS_Supply class is created
as a child class of all other AMS_Signal classes. This enables the underlying
blocks to choose, which signal representation to query. It, therefore, allows
to choose the most efficient implementation on a block-by-block basis.

Having a separate signal class for the supply allows to add further properties
to the signal. E.g. by adding variables to hold the domain and voltage level,
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Figure 3.9: Implementation of transfer function for supply noise in [Mei+19b].

domain crossing errors can be detected. The supply generating circuit pro-
vides a unique domain name and its nominal voltage level. On the receiving
side, the block can now be checked if they are designed for this voltage level
and connected correctly. Furthermore, by passing this information to the
output ports, missing level shifters can easily be checked for at simulation
start. Mismatches between the input signal levels and supply can be detected
and should only be accepted in the level shifter blocks.

3.3.2 Power Supply Noise

Possible sources of power supply induced noise and its growing importance
in submicrometer designs have been described in section 2.1.6.1. Approaches
to consider the effects of PSN on block-level and SSN in particular can be
categorized in two groups:

1. transfer function based models

2. parameter variation approaches

Transfer function based approaches treat the supply as an additional input
signal. An example, where this method naturally applies, is the modeling in
linear drop-out regulators. Since the power supply rejection ratio (PSRR) is
already a characteristic performance parameter it can easily be considered
in the model behavior. The same approach can also be transferred to other
analog circuits. Results of this approach used for modeling a ΔΣ-ADC have
already been published in [Mei+19b]. The noisy supply signal is convoluted
with the power supply transfer function. The result is then superpositioned
with the signal from the main path as shown in figure 3.9.

In the simplest case a linear relation is assumed, but the idea can also be ex-
tended to cover nonlinear circuit behavior. Cascading the linear time invariant
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(LTI) transfer functions with nonlinear transfer functions allows to describe a
wide range of nonlinear system behavior. TheseWiener-Hammerstein models
are well suited to describe analog circuit behavior.

Volterra series are an alternative to describe nonlinear circuits, which can
be thought of as Taylor series with memory [PC03]. In [Gib+16] they are
modified such that they account for dynamic supply deviations. A drawback
of this approach are the large number of parameters that need to be extracted
in order to describe the system.

In addition to the block orientedmodels, such as LTI andWiener-Hammerstein,
as well as the Volterra series, there are several black-box approaches. A recent
example is the popular use of neural networks [Xu+02; YCS19; Yu+19]. Main
disadvantage of this approach is that they give little insight into the behavior
of the circuit. Therefore, special care has to be taken to prove the trained
models cover the circuit behavior correctly in all corner cases.

The second group of methods to handle PSN on block level analyses the influ-
ence of a varying supply voltage on the main signal path. Therefore, the signal
transfer function needs to be modeled in a parameterized way. A varying
supply voltage then affects these parameters. E.g. power supply induced jitter
is commonly modeled this way by adjusting the propagation delay according
to the deviation from a nominal supply level [WM13]. Assuming only a small
voltage deviation, a linear approximation as used in the 𝛼-delay model is
often sufficient:

𝛼 =
Δ𝑡𝑑/𝑡𝑑

Δ𝑉𝑑𝑑/𝑉𝑑𝑑
. (3.6)

As shown in figure 3.10 the delay variation is measured at nominal voltage
and with an offset applied to extract the value of 𝛼 .

Δ𝑡𝑑 = 𝛼
Δ𝑉𝑑𝑑

𝑉𝑑𝑑
𝑡𝑑 . (3.7)

In [WM13] this technique is used to model the inverter delay variations to
analyze the jitter in a ring-oscillator.

A similar approach can be used to vary other performance parameters, as
has been published in [Mei+19a]. Similarly to what has been described in
section 3.2.4 the accuracy can be increased by using piece-wise-linear or
higher order approximations. Alternatively, if the assumption of a quasi-
static supply does not hold, the use of sensitivity functions [Ier+08; KLD05] is
a possibility. The sensitivity function of the modeled parameter is extracted
by applying a unit impulse at different times relative to the input event.
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Figure 3.10: Delay calculation of alpha factor.

Convolution of this transfer function with an arbitrary noise source during
simulation, allows considering previous supply voltage levels while evaluating
the effect of the supply noise variation on the model behavior.

Both groups of methods presented here serve their purpose in finding a effi-
cient modeling solution for RF systems. While the transfer function based
approaches are intuitively well suited to model cross-coupling, they are effi-
ciently usable in receiver chains, where the influence of noise on the signal
filtering is the main concern. Parameter variation solutions on the other hand
are well suited for generating concise and accurate signal representations and
are thus preferably used on the transmitting circuits.
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CHAPTER 4

RF SYSTEMS UNDER TEST

The modeling methods and simulation environment introduced in Chapter 3
are used to verify several circuits developed at the IAS. First an integrated
wireless multiband transceiver is investigated. While the framework has
been applied to verify the pre-tapeout design of the complete system, they
are applied in this thesis to investigate the supply noise influence on the
integrated ΔΣ-ADC. The main focus lies on a second circuit, an all-digital
phase-locked loop. It was developed for low phase noise with the introduced
methods also available during early design stages to optimize the circuit for
robust operation.

4.1 Multiband Transceiver

An integrated triple-band wireless transceiver for robust and reliable com-
munication has been developed at the IAS. The integrated circuit (IC) is
designed in a 130 nm CMOS technology and supports the 433MHz, 868MHz
and 2.4 GHz industrial, scientific and medical (ISM) bands. It consists of RF
transmitter and receiver frontends, a fractional analog PLL as local RF oscilla-
tor and a ΔΣ-ADC to pass the received signals to the digital post-processing.
Furthermore, a power management unit, a clock management block with
quartz oscillator and a low power wake-up receiver to monitor the bands for
signals and consecutive start-up of the system are present. The on-chip digital
processing consists of units for modulation and demodulation for different
wireless standards, a static random-access memory (SRAM) FIFO to store
data to be send and received as well as an serial peripheral interface (SPI) to
communicate with the outside.

4.1.1 𝚫𝚺-ADC

The receiver architecture implemented on the transceiver is a low intermedi-
ate frequency receiver that mixes the arriving RF signal to an intermediate
frequency (IF) band at 1MHz. It is followed by a complex-valued ΔΣ-ADC
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Figure 4.2: Analog-to-Digital Converter.

with a sample rate of 96MHz. A system overview of the analyzed circuit is
given in figure 4.1. It is presented in depth in [Saa+16]. The design is fully
differential and consists of a poly-phase quadrature loop filter, a multi-bit
tracking ADC and a current cell based DAC in the feedback path.

The internal ADC structure is shown in figure 4.2a. In single-bit mode only
the center comparator is used, while the 2-bit mode uses all three comparators
as flash ADC. For the four-bit mode a tracking ADC concept is used instead,
utilizing the outer comparators. Due to the high oversampling rate, it is
guaranteed that the input signal does not change more than 1 bit between
two samples. Thus, only two comparators are used to detect this possible
deviation. The reference voltage levels are then updated accordingly for the
next sample. They are generated by the DAC presented in figure 4.2b. A
current mirror provides 15 switchable output currents that can be delivered
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Figure 4.3: Feedback DAC.

to either of two shunt resistors, where the resulting current difference is
translated to a reference voltage level. The comparators are implemented by
a differential amplifier with current mirror load and a successive latch for
sampling.

The DACs in the feedback path are realized as current cell DACs as presented
in figure 4.3. Each of the unit currents can either be fed in an output full
bridge, that decides the sign of the current, or drained directly into the supply
nodes. Additionally, the unit current is tunable to adjust offsets due to process
variation.

The filter used in the ADC is a third order quadrature band-pass filter with
an intermediate frequency of 1MHz and bandwidth of 1MHz [Ata+13]. The
mixer used to shift the received signal from the RF to IF generally produces
an image component at the negative intermediate frequency. This image can
not be filtered by a real filter, due to its symmetric transfer function around
zero, but a quadrature filter can [ST04].
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Table 4.1: Summarized specifications of the ADPLL.

Symbol Parameter Min Typ. Max Unit

𝑓𝑟𝑒 𝑓 Reference
frequency

40 55 100 MHz

𝑓𝐷𝐶𝑂 Oscillator
frequency

9 10 11 GHz

Δ𝑓𝑐ℎ Channel spacing 10 - 20 kHz
𝑓𝐵𝑊 Filter bandwidth - 100 - kHz��L𝜙 (Δ𝑓 )

�� Δ𝑓 < 100 kHz - - -100 dBc/Hz
Δ𝑓 > 100MHz - - -155 dBc/Hz

4.2 All-Digital PLL

4.2.1 System Design

TheADPLL designed in this thesis is developed for direct frequency generation
in the GHz range with a low phase noise requirement. The main design
parameters are summarized in table 4.1.

The channel spacing with values lower than the reference frequency calls for
a fractional-N PLL design. The targeted DCO operating range spans 2GHz
while the channel spacing in the kHz range is 5 orders of magnitude lower.
Since a linear relation between capacitance and frequency of the LC resonator
are only valid within a certain range, differently coarse operating modes
and gear-shifting is implemented. This also allows a trade-off between PLL
settling time and output noise.

The loop filter design has a major influence on the noise performance of
the system, as it shapes the different noise contributions. The noise can
roughly be divided in two groups, the noise inside the filter bandwidth and
the contributions with higher frequencies. The out-of-band noise is mostly
defined by the noise characteristic of the DCO, as it is high-pass filtered by
the loop. For the in-band noise contributions the TDC quantization and the
reference frequency are the major impact factors. Operating the circuit at
the lower end of the specified reference frequency range increases the noise
contributions due to jitter and quantization in the design. It also covers the
lower corner for frequency acquisition timings.

A further noise source in fractional-N PLLs are spurious tones. They are
caused by periodic operations in the control of the loop and especially severe
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Figure 4.4: Z-Domain model of a fractional-N ADPLL.

for tuning settings close to integer values. Special care has to be taken to
reduce the noise for these setting, which will be discussed in section 4.2.3.

To gain a better understanding of the phase noise contributions and filter
characteristics, the ADPLL system will first be simulated and analyzed in the
phase domain. These findings are then used in the implementation.

4.2.1.1 Phase-Domain Analysis

As a clocked, time-discrete system, the z-domain is well suited for modeling an
ADPLL [MV07]. The blocks from the system overview introduced in figure 2.9
can be transformed to equivalent z-domain descriptions. The resulting system
model is shown in figure 4.4. All components are linearized and a stead-state
operation is assumed, meaning

𝑓𝑣 → 𝑓 𝑠𝑠𝑣 = 𝑁𝑟 · 𝑓𝑟𝑒 𝑓 , (4.1)

where 𝑁𝑟 denotes the ratio between reference frequency and DCO output
frequency similar to FCW in (2.14).

The DCO acts as a digital-to-frequency converter. Its transfer function is
given by:

𝑓𝑣 (𝑧)
𝑑 (𝑧) = 𝐾𝐷𝐶𝑂 . (4.2)
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The gain𝐾𝐷𝐶𝑂 converts the digital output tuning word 𝑑 to a frequency 𝑓𝑣 . Its
unit is thus Hz/LSB. Since a steady-state is assumed, the expected frequency
deviations are small so that a static linear relation is sufficient. This further
allows to find an exact estimate 𝐾̂𝐷𝐶𝑂 ≈ 𝐾𝐷𝐶𝑂 to normalize the DCO tuning
to a unit gain as in (4.3):

𝑓𝑣 (𝑧)
𝑓 𝑣 (𝑧)

=
𝐾𝐷𝐶𝑂

𝐾̂𝐷𝐶𝑂
≈ 1 . (4.3)

The control signals are processed in the phase-domain. Thus, a frequency-to-
phase conversion is needed. It is implemented by the TDC which integrates
the frequency to the instantaneous output phase. In the time-discrete model,
clocked accumulation replaces the integration. The variable DCO output
frequency is integrated over one reference period. The sampling process is
modeled by an additional feedback delay:

𝜑 (𝑧)
𝑓 (𝑧) = 𝑇𝑟𝑒 𝑓 ·

𝑧−1

1 − 𝑧−1 . (4.4)

Similarly, the reference phase is computed by accumulation of the frequency
ratio 𝑁𝑟 .

The loop filter is modeled as a PI-element with the two coefficients 𝛼 and 𝜌 .
The filter transfer function is

𝑁 𝑣 (𝑧)
𝜑𝑒 (𝑧)

= 𝛼 + 𝜌 · 𝑧−1

1 − 𝑧−1 . (4.5)

The closed-loop transfer function in the phase domain is thus given by (4.6).
A similar relation is derived for the frequency signals (4.7):

Φ𝑐𝑙 (𝑧) ≡
𝜑𝑣 (𝑧)
𝜑𝑟 (𝑧)

=
𝛼 (𝑧 − 1) + 𝜌

(𝑧 − 1)2 + 𝛼 (𝑧 − 1) + 𝜌 , (4.6)

𝐻𝑐𝑙 (𝑧) ≡
𝑓𝑣 (𝑧)
𝑁𝑟 (𝑧)

= 𝑓𝑟𝑒 𝑓 · Φ𝑐𝑙 (𝑧) . (4.7)

Depending on the choice for 𝛼 and 𝜌 the PLL type can be altered. Different
PLL types are discerned by the number of poles at the origin of the loop
transfer function. A first pole is inherently introduced by the frequency-to-
phase conversion in the TDC block. If 𝜌 = 0 is chosen, it is the only pole.
The PI-element is effectively reduced to a proportional control element with
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Figure 4.5: Comparison of z-domain phase-domain transfer function and s-
domain approximation.

factor 𝛼 . The PLL is then of type-I. For 𝜌 ≠ 0, the integral term of the loop
filter adds a second pole resulting in a type-II PLL.

Modeling the PLL in the z-domain allows for an easy system description,
but comes with a major drawback. The z-domain implies a fixed sampling
rate, which in this case is the reference frequency 𝑓𝑟𝑒 𝑓 . According to the
Nyquist-criterion this causes aliasing in the spectrum around multiples of
𝑓𝑟𝑒 𝑓 /2, as can be seen in figure 4.5. The ADPLL, especially the DCO and TDC,
however, operate in different clock domains. To evaluate the noise impact
on the system, all noise contributions need to be transformed to equivalent
noise source in the reference clock domain.

The Laplace-domain approximation allows for an equivalent description of
the system in a continuous-time domain. It can be generally applied if the
loop-bandwidth of the PLL does not exceed 1/10 of 𝑓𝑟𝑒 𝑓 [Kuz+19]. In this
case the following approximation can be applied:

𝑧 = 𝑒𝑠 ·𝑇𝑟𝑒𝑓 ≈ 1 + 𝑠𝑇𝑟𝑒 𝑓 . (4.8)
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Substituting (4.8) in the closed-loop transfer functions (4.6) and (4.7) yields:

Φ𝑐𝑙 (𝑠) =
𝜑𝑣 (𝑠)
𝜑𝑟 (𝑠)

=

𝛼𝑠 𝑓𝑟𝑒 𝑓 + 𝜌 𝑓 2𝑟𝑒 𝑓
𝑠2 + 𝑠𝛼 𝑓𝑟𝑒 𝑓 + 𝜌 𝑓 2𝑟𝑒 𝑓

and (4.9)

𝐻𝑐𝑙 (𝑠) =
𝑓𝑣 (𝑠)
𝑁𝑟 (𝑠)

= 𝑓𝑟𝑒 𝑓 · Φ𝑐𝑙 (𝑠) . (4.10)

Figure 4.5 compares the transfer functions for z- and s-domain models. As
can be seen the behavior is identical for 𝑓 < 1/10𝑓𝑟𝑒 𝑓 .

4.2.1.2 Phase Noise Analysis

Different noise sources contribute to the output noise spectrum. Depending
on the location where noise enters the system, its contribution is shaped
differently by the loop filter characteristics. For analysis, the noise power
density L𝜂 (Δ𝜔) of each source needs to be derived. E.g. it can be computed
from root-mean-square (RMS) time domain jitter 𝜎𝑡 𝑗 with

L𝜂 =

(2𝜋𝜎𝑡 𝑗 )2

𝑓𝑟𝑒 𝑓
. (4.11)

Detailed derivations can be found in [Sky12]. The resulting spectral noise
L𝜂 (Δ𝜔) is shaped by multiplication with the squared absolute value of the
noise transfer function 𝐻𝜂 (Δ𝜔):

L𝜂,𝑜𝑢𝑡 (Δ𝜔) = L𝜂 (Δ𝜔) ·
��𝐻𝜂 (Δ𝜔)

��2 . (4.12)

The noise transfer function 𝐻𝜂 (Δ𝜔) can be derived directly from the phase
domain model, when considering where the noise enters the system.

Three major noise sources dominate the performance of the design. Reference
phase noise enters the system at the reference frequency input. It exhibits the
phase noise characteristics described in section 2.1.6.2. The same holds for
the noise introduced by the DCO. Additionally, the DCO’s tuning operation
at discrete levels introduces a quantization error, which can be treated as
an additional noise source. The quantization introduced by the limited time
resolution of the TDC is the third major noise source. These sources are
uncorrelated and are treated as additive contributions to the overall output
noise spectrum.
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Figure 4.6: DCO phase noise in type-I and type-II PLL.

Reference Phase Noise Reference phase noise describes the external noise
that enters the PLL together with its stable reference frequency. Since this
frequency is often supplied by a crystal oscillator, the oscillator phase noise
as introduced in section 2.1.6.2 is assumed. For simplicity only the broadband
(𝑓 0) and up-converted (𝑓 −2) thermal noise are modeled.

DCO Phase Noise The DCO phase noise is modeled the same way as
the reference noise. However, since the DCO noise enters the loop at the
frequency output, its loop transfer function is different. From the s-domain
model, the phase noise transfer function of the DCO can be identified as

Φ𝜂𝐷𝐶𝑂
=

𝜑𝑣

𝜂𝐷𝐶𝑂
=

𝑠2

𝑠2 + 𝛼 𝑓𝑟𝑒 𝑓 𝑠 + 𝜌 𝑓 2𝑟𝑒 𝑓
. (4.13)

Due to the high pass characteristic, the DCO noise dominates the ADPLL
phase noise for the out-of-band region. To adhere to the specifications from
table 4.1, the broadband noise must be smaller than −155 dBc and the SSD at
offset frequency Δ𝑓 of 1MHz needs to meet (4.14):

L𝐷𝐶𝑂 (Δ𝑓 ) |Δ𝑓 =1MHz = −115 dBc . (4.14)

The superposition of both noise contributions is shown in figure 4.6. The
resulting phase noise at the PLL output for a type-I and type-II loop filter
configuration is also depicted. As can be seen, the type-I PLL only provides
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20 dB/dec attenuation in the stop band and thus, only flattens the phase noise
to a constant level. Considering the up-converted flicker noise (𝑓 3) would
result in a continuing 10dB/dec raise. The type-II PLL, however, provides
40dB/dec attenuation due to the second zero in the origin. Consequently, even
the higher order phase noise is attenuated at low frequencies.

DCO �antization Noise In addition to the oscillator noise, the discrete
control of the DCO adds another noise source: quantization. The frequency
tuning is applied in discrete capacitor steps which control the output fre-
quency. The resolution Δ𝑓𝑟𝑒𝑠 is limited by the least significant bit (LSB)
capacitance 𝐷𝑒𝑙𝑡𝑎𝐶 and can be calculated according to (2.27). The relevant
step size utilized in this work is Δ𝑓𝑟𝑒𝑠 = 80 kHz. The frequency quantization
error Δ𝑓𝑛 is assumed to be uniformly distributed and thus follows the AWGN
characteristics [SB06] with variance 𝜎2

Δ𝑓𝑛
:

𝜎2
Δ𝑓𝑛

=
(Δ𝑓𝑟𝑒𝑠 )2

12
. (4.15)

In the frequency domain, the quantization noise SSD L(Δ𝜔) is defined by the
integration of flat spectral frequency noise from DC to the Nyquist frequency
0.5 · 𝑓𝑟𝑒 𝑓 :

L𝐷𝐶𝑂,𝑞𝑢 (Δ𝑓 ) =
(Δ𝑓𝑟𝑒𝑠 )2
12 · 𝑓𝑟𝑒 𝑓

. (4.16)

Since the DCO is updated only once every reference period the noise needs to
be folded with the filtering of a zero-order hold operation. It is then further
filtered by the same transfer function as the DCO phase noise resulting in
figure 4.7.

The impact of quantization can be improved by time averaging of fast dithered
unit capacitor cells. A straightforward dithering scheme switches a single
capacitor at the rate 𝑓𝑑𝑡ℎ > 𝑓𝑟𝑒 𝑓 and reduces the SSD of the DCO quantization
to

L𝐷𝐶𝑂,𝑑𝑡ℎ (Δ𝑓 ) =
(Δ𝑓𝑟𝑒𝑠 )2
12 · 𝑓𝑑𝑡ℎ

. (4.17)

According to Staszewski and Balsara [SB06], low-frequency phase noise con-
tributions are still too high for mobile systems and thus, noise shaping e.g.
by a ΣΔ-modulator is necessary. To do so, Δ𝑓𝐿𝑆𝐵 is artificially increased by
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Figure 4.7: DCO quantization error shaped by type-I and type-II PLL.

𝑊𝐹 additional fractional bits so that the overall resolution is

Δ𝑓𝑟𝑒𝑠,ΣΔ =
Δ𝑓𝐿𝑆𝐵

2𝑊𝐹
. (4.18)

The noise transfer function of a 𝑛-th order ΣΔ-modulator in z-domain is given
by

𝑁 (𝑠) =
𝑁𝑞𝑢,ΣΔ (𝑠)
𝜂𝑞𝑢,ΣΔ (𝑠)

= (1 − 𝑧−1)𝑛 , (4.19)

which yields (4.20) for the SSD quantization phase noise following s-domain
approximation:

L𝑞𝑢,ΣΔ (Δ𝑓 ) =
1

12

(
Δ𝑓𝑟𝑒𝑠,ΣΔ

Δ𝑓

)2
1

𝑓𝑑𝑡ℎ

(
2 · sin

(
𝜋Δ𝑓

𝑓𝑑𝑡ℎ

))2𝑛
. (4.20)

The quantized update noise signal with reduced quantization error in (4.17)
as well as the high-pass filtered quantization error from the ΣΔ-modulator in
(4.20) are shaped by the DCO transfer function. In figure 4.8, the resulting
phase noise contribution is depicted in comparison to the non-dithered quan-
tization error for a third order modulator with three bits fractional resolution.
The overall quantization error is attenuated by approximately 30 dB at the cost
of increased noise far off the carrier. It should be noted that the out-of-band
noise floor is roughly −160 dBc/Hz covering the shifted high-frequency phase
noise of the modulator.
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Figure 4.8: DCO quantization error and ΣΔ-modulated quantization.

TDC �antization Noise Similar to the discrete capacitor values used in
the DCO, the TDC resolution limits introduce additional phase noise. This
noise is low-pass filtered by:

Φ𝜂𝑇𝐷𝐶
=

𝜑𝑣

𝜂𝑇𝐷𝐶
=

𝛼 𝑓𝑟𝑒 𝑓 𝑠 + 𝜌 𝑓 2𝑟𝑒 𝑓
𝑠2 + 𝛼 𝑓𝑟𝑒 𝑓 𝑠 + 𝜌 𝑓 2𝑟𝑒 𝑓

. (4.21)

Again a uniformly distributed quantization noise with variance 𝜎2
𝑇𝐷𝐶

is as-
sumed. Its SSD L𝑇𝐷𝐶,𝑞𝑢 is given by:

L𝑇𝐷𝐶,𝑞𝑢 =
(2𝜋 · Δ𝑡𝐿𝑆𝐵 · 𝑓𝑣)2

12 · 𝑓𝑟𝑒 𝑓
. (4.22)

Figure 4.9 shows the resulting phase noise output for Δ𝑡𝐿𝑆𝐵 = 5 ps. The plot
shows that TDC noise is attenuated with 20 dB/dec in the low-pass stop-band
for type-I and type-II PLLs. To reach the required in-band phase noise level
from table 4.1 a TDC resolution limit Δ𝑡𝐿𝑆𝐵 < 3 ps is needed.

4.2.2 Loop Filter Design

To attain concurrent demands in PLL phase noise, spur reduction and settling
speed, an appropriate filter design is crucial. A type-I PLL allows for fast
step-responses but can only guarantee a limited dynamic range due to its
residual phase error. A type-II PLL does not have this limitation, since the
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Figure 4.9: TDC quantization error shaped by type-I and type-II PLL.

pahse error diminishes during lock phase. Further it provides a steeper filter
roll-off, which is favorable with regard to phase noise characteristics. E. g.
a PLL with −40 dB/dec attenuation is able to suppress up-converted flicker
noise. For efficient spur suppression even higher damping is amendable. This
is easily implemented by cascading the main PI-Loop filter with additional
inifinite impulse response (IIR) filter stages. The digital nature of the im-
plementation allows to reconfigure the loop filter during operation. This
enables the adoption of gear-shifting, where the loop filter is adjusted from a
proportional filter during PVT and acquisition tuning to a higher order filter
during tracking and lock.

4.2.3 Spur-Reduction Mechanisms

In an ADPLL spurs are introduced through regularly repeating patterns in
the phase error and thus a modulation of the DCO. In a fractional PLL the
fractional FCW and the limited TDC resolution will cause a slowly varying,
periodic phase error pattern, giving rise to fractional spurs. The limited TDC
resolution in combination with the targeted fine tuning step size results in
multiple reference clock cycles yielding the same TDC measurement result
while the DCO fractional phase slowly increases. This causes a periodic saw
tooth shaped phase error seen in figure 4.10.¨ Especially for small fractional
parts, the periodicity of this process is rather long causing spurs in the pass-
band of the PLL. For a spur free operation the expected phase error as given
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Figure 4.10: Ideal Phase error for FCW close to integer.

in (4.23) needs to be 0:

𝐸{𝑝ℎ𝑒} = 𝐸{𝑝ℎ𝑣 − 𝑝ℎ𝑟 } = 0 . (4.23)

Two main approaches are proposed in literature to mitigate frational spurs:

• predict and compensate the periodic phase error

• add a larger pseudo-random noise source to overshadow the effect and
compensate the known noise source

Opteynde proposes to mitigate the spurs by quantifying the reference phase
to the same step size as the TDC [Opt12]. Quantifying 𝑝ℎ𝑟 to the mid-level
between two TDC quantization levels 𝑛 and 𝑛 + 1 forces the PLL into a bang-
bang mode as shown in figure 4.11. This, however, does not mitigate the spurs
completely but only shifts them to a different, higher frequency depending
on the chosen TDC step size as the probability of measuring a 𝑛 or 𝑛 + 1 is not
uniform over the whole step. Thus, the expected phase error is not zero. To
achieve a linear output phase, the reference phase, needs to follow the error
probability function of the jitter model for metastability [Kle90], instead of
being compensated with a saw tooth:

𝑝 (1|0) = 1

2

(
1 + 𝑒𝑟 𝑓

(
𝑥 − 𝜇√
2 · 𝜎

))
. (4.24)
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Figure 4.11: Phase error for FCW close to integer compensated with quantized
𝑝ℎ𝑟 .

Pre-distorting the reference phase 𝑝ℎ𝑟 to follow this probability results in an
expected phase error 𝐸{𝑝ℎ𝑒} = 0.

0 =𝐸{𝑝ℎ𝑒}=𝐸{𝑝ℎ𝑣 − 𝑝ℎ𝑟 } = 𝐸{𝑝ℎ𝑣} − 𝑝ℎ𝑟 (4.25)

𝑝ℎ𝑟=𝐸{𝑝ℎ𝑣}=𝑛 · 𝑝 (𝑛) + (𝑛 + 1) · 𝑝 (𝑛 + 1) (4.26)

=𝑛 · (𝑝 (0|0) + 𝑝 (1|0)) + 1 · 𝑝 (1|0) (4.27)

=𝑛 + 1

2

(
1 + 𝑒𝑟 𝑓

(
𝑝ℎ𝑟𝑖𝑑𝑒𝑎𝑙 − 𝑝ℎ𝑟𝑞𝑢𝑎𝑛𝑡𝑖𝑧𝑒𝑑√

2 · 𝜎𝑇𝐷𝐶

))
(4.28)

As can be seen from figure 4.12, the reference phase is equal to the TDC
measured value during the stable areas of TDC evaluation and the phase error
diminishes to 0 unless the TDC detects a phase difference by at least 1 TDC
step. This error is then passed along unweighted. If the phase discrepancy
detection happens close to an expected TDC step, the phase error weight is
reduced by the probability of the sampling event. To accurately calculate the
probability function, the standard deviation of the jitter at the TDC input
is needed, which can be estimated using a Goertzel filter and a least-mean-
square (LMS) algorithm as shown in [PB11], where it is used to control the
digital-to-time converter (DTC) setting in a DTC based ADPLL.

Alternatively the error probability function can be deduced from monitoring
the phase error 𝑝ℎ𝑒 . Since the periodicity of the signal is known from the
fractional part of the FCW and the TDC resolution, the phase error can be
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Figure 4.12: Phase error for FCW close to integer weighted according to (4.28).
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Figure 4.13: Schematic for extracting and compensating periodic phase error
[HC16].

averaged over multiple periods to extract the needed transfer function. Ho
and Chen propose a structure seen in figure 4.13 consisting of a high-pass
filter and a successive IIR filter for averaging [HC16].

An example of the second approach to mitigate fractional spurs is proposed
by Temporiti, Weltin-Wu, Baldi, Cusmai, and Svelto. A schematic of the
operating principle is show in figure 4.14. By dithering the 𝐹𝑅𝐸𝐹 signal at the
TDC input, additional noise is added to the system. The added delay needs
to scramble the 𝐹𝑅𝐸𝐹 signal enough to ensure a white quantization noise
within a TDC step size. Thus, ideally the delay steps should be prime with
the TDC resolution as to avoid spurs at the common frequency components.
Furthermore, if the delay range is chosen larger than a DCO period, the
dithering can further be used to average TDC non-linearity.
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Figure 4.14: TDC with added pseudorandom fref dithering.

The added delay for each 𝑓𝑟𝑒 𝑓 period is generated digitally using a pseudo-
random linear feedback shift register (LFSR). Since the delay is known, it
is then subtracted again after digitization by the TDC. The delay of the
dithering line will vary with process supply voltage and temperature. Thus,
to compensate with the right value the delay needs to be measured online.
Temporiti, Weltin-Wu, Baldi, Cusmai, and Svelto propose to use the locked
PLL and the TDC to measure the added delay [Tem+10]. In locked state, the
fractional part of 𝑝ℎ𝑣 is expected to change by the fractional part of FCWs
between two successive periods. By alternating the added dither between 0

and 𝑖 and looking at the TDC output, the added delay time can be measured.
Averaging over multiple measurements is needed to increase the accuracy.

4.2.4 System Implementation

The general signal flow and design implementation follow the recommenda-
tions given in [SB06]. It relies on the system layout presented in figure 4.15.
The performance-critical components DCO and TDC are full-custom analog
circuits, while the rest of the design is implemented as register transfer level
(RTL) code using SystemVerilog. A more detailed view in the inner imple-
mentation of the analog components, as needed for modeling and simulation
with the digital circuitry, will be given in chapter 5.2 together with the model
development.

In the digital circuit fixed-point numbers are used to represent fractional
values with a limited amount of digits. In contrast to floating point arithmetic,
the decimal point is fixed by convention, resulting in a uniformly defined
minimum resolution. It avoids the implementation of additional hardware
required for handling variable floating-point real numbers.
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Figure 4.15: Block diagram of the proposed ADPLL design.

For a word with fixed size 𝑛, the integer range in unsigned representation is
[0, 2𝑛 − 1]. Fractional values for an𝑚 bits wide word are in the range [2−𝑚, 0].
This can be used to find an efficient trade-off for minimum sized design and
maximum needed accuracy. The needed sizes for the FCW can be derived
from specification and be used as a reference to derive other word lengths in
the design:

𝑛 = ⌈log2 (𝐹𝐶𝑊𝑚𝑎𝑥 )⌉ , (4.29)

𝑚 =

⌊
log2

(
Δ𝑓𝑐ℎ

𝑓𝑟𝑒 𝑓

)⌋
. (4.30)

For 𝑓𝑟𝑒 𝑓 = 40MHz, a minimum of 9 integer and 12 fractional bits are needed
to achieve the necessary accuracy.

4.2.4.1 Phase Error Calculation and Loop Filter

The phase error 𝑃𝐻𝐸 is the result of subtracting the variable phase, composed
of integer count 𝑃𝐻𝑉𝐼 and fractional count 𝑃𝐻𝑉𝐹 , from the reference phase
𝑃𝐻𝑅:

PHE = PHR − PHV𝐼 + PHV𝐹 . (4.31)

It is the input to the loop filter depicted in figure 4.16.

Three filter paths are implemented in parallel, each suitable for the require-
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Figure 4.16: Loop filter schematic.
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Figure 4.17: Mode dependent s-domain transfer functions.

ments of the loop control of the respective DCO bank. In PVT and acquisition
(ACQ) mode, 𝑓𝐵𝑊 should be large to allow fast settling of the phase error
𝜑𝑒 . Thus, type-I PLL implementations with only proportional coefficients
𝛼𝑃𝑉𝑇 and 𝛼𝐴𝐶𝑄 are chosen. This ensures fast decaying transients even for
large phase error corrections. Instead of multiplication blocks, the filter oper-
ation is implemented with arithmetic right shifts. While this only allows a
coarse selection of the bandwidths in powers of 2, it eases the design effort
as shift operations are efficiently implemented in hardware. The tracking
mode implements a type-II PLL with coefficients 𝛼𝑇𝑅𝐾 and 𝜌𝑇𝑅𝐾 . Choosing
𝛼𝑃𝑉𝑇 = 2−2, 𝛼𝐴𝐶𝑄 = 2−4, 𝛼𝑇𝑅𝐾 = 2−6 and 𝜌𝑇𝑅𝐾 = 2−14 results in the trans-
fer functions as shown in figure 4.17. It ensures fast settling in PVT mode
with 𝑓𝐵𝑊 ,𝑃𝑉𝑇 ≈ 1.6MHz and successively approaches the desired tracking
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bandwidth 𝑓𝐵𝑊 ,𝑇𝑅𝐾 ≈ 100 kHz.

Limited word lengths can cause malfunctions in tracking (TRK) mode because
wide range shift operations lead to loss of significant bits in the integrating
path of the filter. By swapping the order of accumulation and shift operation,
PHE is accumulated with fully available precision before shifting. This solu-
tion avoids extending word lengths and saves hardware effort at the cost of
introducing a non-linearity if the filter coefficients are to be change online.

4.2.4.2 DCO Control

The loop filter output word size is the same size or larger than the FCW, which
in general is larger than the available tuning bits of the DCO per bank. To
maintain the loop gain and dynamic range of the loop, a gain normalization
of the loop filter output is necessary.

An efficient way of implementing a coarse normalization is the selection of
the appropriate bits from the OTW. From system considerations, we know
that if a single unit capacitor in a DCO bank is altered, the output is increased
or decreased by a linearized frequency step of width Δ𝑓 . This relates to an LSB
change in the tuning word of the corresponding filter output as in (4.32):

Δ𝑓𝑚𝑜𝑑𝑒 = 𝑓𝑟𝑒 𝑓 · Δ𝐶𝑚𝑜𝑑𝑒
= LSB(OTW𝑚𝑜𝑑𝑒 ) . (4.32)

It suggests that multiplication with 𝑓𝑟𝑒 𝑓 /𝐾𝐷𝐶𝑂 can be approximately substi-
tuted by cutting the correct bits out of the OTW such that an LSB change of
OTW equals a frequency step Δ𝑓 of the currently active DCO capacitor bank.
This procedure is schematically drawn in figure 4.18, in which OTW fractions
of each mode are taken out of the fixed-point command word starting from the
correct LSB position. Within each mode, an overlap of two LSB with the prior
mode is implemented yielding the interlocking of consecutive tuning steps
by design as proposed in figure 4.18. Tracking mode OTW is further divided
into an integer and fractional portion which is used by a ΔΣ-modulator to
achieve finer frequency resolution.

Figure 4.19 shows the further processing of the selected TUNE_N words for
PVT and acquisition mode. While their mode is active, the tuning word is
passed to the oscillator. The highest bit is inverted, thus effectively shifting
the tuning word from its signed region to an unsigned range. It is further
offset by𝑀𝐸𝑀_𝐷𝐶𝑂 to allow pre-tuning and safe startup of the DCO. This
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Figure 4.18: DCO gain normalization.
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Figure 4.19: DCO control block diagram for PVT and ACQ mode.
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Figure 4.20: DCO control block for TRK mode.

static offset will be compensated by the loop. If the mode is no longer active,
the last value will be held.

To achieve the specified fine resolution of 10 kHz, it is not sufficient to use
the OTW directly to control the tuning bank. The lower limit of Δ𝑓 in
tracking mode is approximately 100 kHz, which is a decade larger than the
required resolution. Thus, a dithering approach is needed. A ΣΔ-modulator
is used to dither some capacitors multiple time during a reference period.
The time averaged capacitance value will equal the fractional tuning word
TUNE_N_TF.

Figure 4.20 reveals the DCO control structure for tracking mode. The LF
output TUNE_N_T is split into integer and fractional portion. With (4.32)
rearranged to

LSB(OTWTRK) =
Δ𝑓𝑇𝑅𝐾

𝑓𝑟𝑒 𝑓
, (4.33)

the OTW LSB of the integer valued tracking mode control word is determined
as the −9-th LSB position of TUNE_N_T. The integer value packet is manipu-
lated analogously to PVT and ACQ mode and the fractional part is modulated
by the circuit in figure 4.21.

The ΣΔ-modulator structure is implemented as MASH-3 architecture [MC91].
It can be integrated in CMOS and minimizes fractional spurs. The modulator
comprises three sequential adders and a combiner circuit consisting of 3-bit
shift registers for each carry output of the adders. This structure constitutes
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Figure 4.21: ΣΔ-modulator with combiner circuit for dithering of fractional
tuning word.

the following transfer function:

𝐻ΔΣ (𝑧) = 1 + 𝐸𝑞3 (𝑧) · (1 − 𝑧−1)3 . (4.34)

The original signal is not transformed from input to output. However, the
quantization noise after the third stage output is high-pass filtered by (1−𝑧−1)3.
The noise energy is shaped to higher frequencies by oversampling and in-
creasing resolution with minimum design effort. It is suggested that the
modulator order is at least three as otherwise, spurious emissions are too
high overshadowing the increased resolution effect [SB06]. Even so, to en-
sure a spur-free spectrum the first stage accumulator needs to be initialized
correctly [Näh07]. Ideally, the initial value should be an irrational number. In
practical implementation a close enough approximation is sufficient. Never-
theless, this requires an adequate word width of the adders. Alternatively, to
increase the randomness of the ΣΔ-modulator output, additional noise from
an LFSR can be added to the input as LSBs.

The circuit is clocked on CKV_DIV, the DCO clock divided by 8. The modula-
tor output is the sumof delayed and inverted versions of the carry bits [Ney10]:

OTW_TF = 𝐶1𝐷
3 +𝐶2 (𝐷2 − 𝐷3) +𝐶3 (𝐷 − 2𝐷2 + 𝐷3) . (4.35)

The delay outputs could immediately modulate the tracking capacitors, de-
pending on the internal DCO design, instead of passing a 3-bit binary control
word to the DCO. In this case, the seven output bits are hard-wired to tracking
capacitors implicitly summing up the bit values.
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Figure 4.22: Mode control.

4.2.4.3 Mode Control and Zero Phase Reset

To calculate the phase error, the phase detector computes the difference
between reference phase PHR and variable phase PHV. In normal operation,
PHR is generated by accumulating the FCW:

PHR[𝑘] = FCW + PHR[𝑘 − 1] . (4.36)

At mode switching, the settled remaining phase error from the previous PLL
mode needs to be reset in order for the LF to only control the excess phase
around the new center frequency. The same goes for a software reset of the
PLL. If a mode change or reset is indicated, the reference phase is thus loaded
with

PHR[𝑘] = FCW + PHVI [𝑘 − 1] − PHVF [𝑘 − 1] . (4.37)

Inserting (4.37) in (4.31) yields:

PHE[𝑘] = FCW + PHVI [𝑘 − 1] − PHVF [𝑘 − 1] (4.38)

− PHVI [𝑘] + PHVF [𝑘] . (4.39)

Rearrangement and application of the expectation operator 𝐸{·} results in:

𝐸{PHE[𝑘]} = FCW − 𝐸{PHVI [𝑘] − PHVI [𝑘 − 1] (4.40)

− PHVF [𝑘] + PHVF [𝑘 − 1]} (4.41)

= 0 . (4.42)

A correct alignment ofmode control and zero-phase-reset is critical for a glitch-
free operation. The mode control is implemented as a one-hot shift register
that shifts to the next state after a certain amount of reference cycles. The
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Figure 4.23: Block Diagram of TDC output processing.

schematic in figure 4.22 depicts the generation of zero-phase-reset signal ZPR
and synchronous reset signal SRST of theDCO registers. If the ADPLL changes
operating mode, PLL_MODE toggles from high to low for the previous mode
bit and low to high for the new mode bit. Thus, MODE_ZPR of both modes
is high for a single clock cycle and MODE_SRST of the succeeding mode is
pulled high for one tact, resetting the corresponding DCO bank.

4.2.4.4 TDC Evaluation

The ADPLL features a 2D-Vernier TDC with a resolution of ∼ 3 ps. After
conversion, it provides two values to the loop:

• a measurement of the last DCO period

• a fractional measurement of the time between last CKV and FREF edge

As shown in figure 4.23, the converter output needs further processing to
compute the actual fractional phase error −𝜀. The measured DCO period is
averaged over an arbitrary amount of samples. Choosing a multiple of two
allows again for an efficient implementation in hardware, since the division
by sample number can be replaced by an arithmetic shift. The result is then
inverted before multiplying it with the fractional phase offset. The normalized
fractional phase error in the range of [0, 1] is then subtracted from 1.0 to yield
the fixed-point fractional phase error −𝜀 = PHV𝐹 .

4.2.4.5 Fractional Spur Cancelation

To implement the phase error compensation mechanism described in sec-
tion 4.2.3, the reference phase PHR needs first to be quantized to the same
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Figure 4.24: Implementation to estimate TDC metastability window from
phase error.

step size as resolved by the TDC. This is achieved by supplying an additional
input to the phase comparator that subtracts the expected ideal phase error
sawtooth introduced in figure 4.10. It is calculated as

PHS = PHR mod TDCres . (4.43)

TDCres is provided as part of the TDC evaluation. Assuming equal TDC steps
it is given by the output of “Normalization & Inversion” block of figure 4.23.

As explained before, the expected phase error 𝐸{PHE} is still not 0 but follows
the error function. An estimate of it is generated by averaging multiple phase
error periods of length TDCres. The implementation shown in figure 4.24
follows the recommended approach of Ho and Chen, but the hardware effort
is greatly reduced. For one the periodicity to be covered is reduced from
𝑠𝑖𝑧𝑒 (PHVF) to 𝑠𝑖𝑧𝑒 (TDCres). Secondly the averaging filter can be shared for
all sample bins. The accumulator values are stored in an on-chip random-
access memory (RAM) and fetched once in each period for an update.

4.2.4.6 TDC Dithering

For comparison the approach from the second group of spur reduction mech-
anisms, introduced in section 4.2.3, is implemented. The reference clock input
of the TDC is dithered to add additional noise and randomize the sampling
point of the TDC, as depicted in figure 4.14. To achieve this, the 𝐹𝑅𝐸𝐹 input
is fed into a coarse 4-bit binary weighted delay line. The LSB of the delay is
targeting 7 ps to be prime with the TDC resolution of 3 ps and to be able to
cover more than one DCO period.
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Figure 4.25: The circuits on the test chip.

The pseudo-random dithering values are created in digital domain using a
LFSR. The 16 possible delay times are measured at start-up and saved in a
look-up table. The compensation of the measured TDC values is introduced
before the TDC evaluation block.

4.2.5 System Partitioning

The system described above in section 4.2.4 is realized in a 28 nm TSMC
technology. Performance critical blocks, such as DCO, TDC, high-speed
divider and output buffers, are full custom analog designs, while the loop
behavior is synthesized from RTL code using digital standard cells. Figure 4.25
gives an overview of the relevant system partitions. Besides the main loop
components, the chip features 2 low-noise LDOs to provide a stable and clean
supply to the analog components. The digital circuitry is supplied directly
from external. It consists of the PLL components as well as a register bank to
configure the LDOs, manually control the analog components and allow to
configure all loop parameters. The registers are controlled via an SPI interface.
Furthermore, a high-speed-IO interface allows to monitor the TDC output
online.

In figure 4.26, the circuit’s implementation is shown with focus on the supply
domains. The signal paths are shown in black while the supply paths are
shown in red. The DCO is supplied with 1.2 V to provide a high output swing
and isolate it from other circuits to prevent them from corrupting the oscillator
phase. A second analog supply domain with 0.9 V is shared by the output
buffers, dividers and TDC. The system analysis in section 5.2 will investigate
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Figure 4.26: The ADPLL from a supply perspective.

the inter domain coupling of these blocks and isolate their effects on the
system performance.
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CHAPTER 5

SIMULATION RESULTS

5.1 𝚫𝚺-ADC

To verify the behavior of the ΔΣ-ADC introduced in section 4.1.1 on sys-
tem level and investigate possible effects of supply modulation, the circuit is
modeled using the framework introduced in chapter 3. The main signal path
is modeled using the AMS_Signal_Spectral to allow inputs with arbitrary fre-
quency components to be represented. The supply modulation is also modeled
in the frequency domain, as will be explained in section 5.1.4.1. The models of
the analog subblocks use a transfer function based approach as explained in
section 3.3.2 to consider effects of a varying supply voltage where necessary.
Since the supply net implementation provides a flexible combination of the
available AMS_Signal types, models that do not take supply noise into account
can fall back on a constant voltage implementation instead.

5.1.1 DAC Models

Both feedback and reference voltage DACs use the same model with different
parameter sets as their behavior is similar. The transfer characteristics from
supply input to the outputs have been determined with transistor-level node-
based AC simulations. The resulting transfer functions are exported as .csv-
files and during system simulation imported in the necessary C++ block objects
as look-up tables. Linear interpolation is used to estimate the blocks response
for inputs in between support points. The result from the supply path is
then superposed with the nominal output voltage as additional time-varying
DC component of the output spectrum. This implementation is visualized in
figure 5.1.

The PSN transfer function for the reference voltage DAC to any of its outputs
depends on the selected tuning word, as depicted in figure 5.2a for the p-
output. Switchingmore current to one path lowers its impedance to the supply
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Figure 5.1: Spectrum processing in DAC models.

resulting in a decreased attenuation. The other output, of course, behaves
reciprocal. It is inherent to the design that it necessarily has a different
number of switched-on transistors in both differential output paths. This
diminishes an advantage of the differential design in allowing the PSN to
affect the differential ouput voltage as depicted in figure 5.2b.

Similarly, the influence of PSN on the differential current of the feedback
DAC is of interest, as shown in figure 5.3. Same as above, the effect of PSN
is dominated by parasitic capacitance at high frequencies. Furthermore, the
behavior is determined by the 𝑎𝑚𝑝 and 𝑡𝑢𝑛𝑒 input values. It is to be noted,
that a well-tuned output, where the absolute values of the currents of the
p- and n-path are equal and the common-mode current is zero, does not
necessarily reduce the influence of PSN. In the figure the well-tuned case is
given for 𝑡𝑢𝑛𝑒 = 8. However, the current fluctuations due to PSN increase
with the DC output current, regardless whether it is caused by higher 𝑡𝑢𝑛𝑒 or
𝑎𝑚𝑝 setting.

5.1.2 Comparator Model

The most sensitive part of the comparators is their first differential amplifier
stage. Bae, Shim, Koo, Cho, Pak, and Kim [Bae+13] attribute PSN effects to
an impedance difference on the gates of the differential pairs, resulting in
a different impact of PSN on both differential paths. Schematic simulation
of the circuit show a similar behavior. However, the influence of the PSN
transfer function compared to the regular signal transfer function is at least
40 dB lower. The overall PSN effect on the comparator is thus negligible.

Since the sampling comparators are clocked, their outputs only need to be
reevaluated once every period. That allows for an efficient and easy implemen-
tation of the comparison of two spectral inputs signals. When the sampling
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Figure 5.2: PSN transfer function of the reference voltage DAC for various
tuning settings.
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Figure 5.4: Exemplary transfer functions of PSN to the I-output of the loop
filter considering mismatch from process variation.

process is triggered, the input Fourier series are evaluated at the current time
stamp according to:

𝑓 (𝑡𝑠𝑎𝑚𝑝𝑙𝑒 ) = 𝑐0 +
𝑁∑︁

𝑖=1

2 arg(𝑐𝑖 ) cos(2𝜋 𝑓𝑖𝑡𝑠𝑎𝑚𝑝𝑙𝑒 + 𝜙 (𝑐𝑖 )) . (5.1)

The comparator output is then switched after comparing the sampled inputs
𝑓 (𝑡𝑠𝑎𝑚𝑝𝑙𝑒 ).

5.1.3 Loop Filter Model

The filter consists of three stages with two differential integrators. The paths
are cross-coupled to implement the quadrature transfer function. Further-
more, each path features a feedback path to optimize the zero placement and
two capacitive feed-forward paths to improve stability and reduce power
consumption [Ata+13]. To minimize path mismatch, all elements are tune-
able, which results in a large amount of possible configurations. To reduce
modeling effort, only one standard configuration is simulated.

The high PSRR of the operational amplifiers (OPAMPs) and the fully differen-
tial design show only a negligible influence of PSN on the filter’s output in the
nominal corner. However, statistical Monte Carlo simulations, taking process
variation into account, reveal a much more severe influence. Figure 5.4 shows
three exemplary transfer functions of PSN to the I-output.

A possible implementation of the filter transfer function would be to multiply
each frequency component of the input with its transfer coefficient, as done
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Figure 5.5: Spectrum processing in the poly-phase quadrature loop filter
model.

for the DAC model. However, as described in section 3.2.3 the signal repre-
sentation collects multiple similar tones in one frequency bin by describing
them with a center frequency and a time-varying phasor. Depending on the
modulation scheme of the received signals, the actual signal frequency does
not necessarily equal the center frequency. While the introduced error is
negligible in most cases this is not the case for a band-pass filter with steep
edges. Therefore, the filter is implemented as shown in figure 5.5. The in-band
signal is sampled and processed through an IIR filter following the approach
from [Jun15]. The sampling frequency should equal the sampling rate of
the overall ΔΣ-ADC to avoid the generation of unwanted intermodulation
products. The output signal is then included as a time-varying DC component
of the spectrum.

The noise spectrum at out-of-band frequencies is assumed to be virtually
static between two sampling events. It is multiplied with a static transfer
function in the frequency domain and added to the output spectrum.

5.1.4 System Evaluation

Using the implemented models, a testbench consisting of the analog blocks to-
gether with the digital post-processing and calibration circuits is implemented
as shown in figure 5.6.
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Figure 5.6: ΔΣ-ADC simulation testbench.

White noise on the supply is considered in the following evaluation. Its
generation is described in section 5.1.4.1. It is applied to the circuit with
different noise levels and the effect is investigated for single-bit and multi-bit
mode.

5.1.4.1 Noise Generation

A supply source has been implemented to generate discrete Gaussian white
noise. It creates a spectrum from a single fundamental frequency and a
given number of harmonics. Each component has a normally distributed
amplitude and uniformly distributed phase. The standard deviation is config-
urable. After each period the spectrum is randomized again using a Mersenne
Twister [MN98]. Figure 5.7 shows the generated noise signal during simula-
tion sampled at 96MHz with a single fundamental frequency of 1MHz and
100 harmonics. Each component has a normally distributed amplitude with a
standard deviation of 1mV.

5.1.4.2 Single-bit mode

For comparison the setup is first simulated without any PSN present. The
results of an event-driven simulation of the ADC in single-bit mode are shown
in figure 5.8. The inputs 𝑄𝑖𝑛 and 𝐼𝑖𝑛 are two sinusoids with a phase difference
of 𝜋

2
, a differential voltage of 800mV and a frequency of 1MHz. The ADC’s

sampling rate is 96 MHz. 𝑄 𝑓 𝑏 and 𝐼𝑓 𝑏 are the feedback currents from the
internal DACs to the loop filter. The filter outputs 𝑄𝐿𝐹,𝑜𝑢𝑡 and 𝐼𝐿𝐹,𝑜𝑢𝑡 are fed
into the internal ADC comparators. The delta-sigma encoded ADC output
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Figure 5.7: White noise used in ADC simulation.

signal,𝑄𝑜𝑢𝑡,𝑑𝑖𝑔 and 𝐼𝑜𝑢𝑡,𝑑𝑖𝑔 , are the inputs to the digital post-processing, where
they are down-sampled using digital filtering. Without noise, the feed-back
loop is stable and shows the expected behavior. Figure 5.10 plots the fast
Fourier transform (FFT) of the ADC outputs. The characteristic noise shaping
of the ΔΣ-modulation shapes the quantization noise away from the signal
peak at 1MHz and thereby improves the SNR.

Figure 5.9 shows the same simulation with white noise as described in sec-
tion 5.1.4.1. The supply voltage is also plotted. As can be seen, the output
signal of the filter is significantly disturbed. The noise causes a phase shift
between the two quadrature paths which leads to an instability the feedback
DACs can not compensate. The result is a saturation of the ΔΣ-ADC that can
be seen in the long periods during which the digital output signals do not
switch.

Figure 5.11 depicts the output spectrum for the simulation. As can be seen
around 1MHz the noise floor is elevated. Furthermore, the second signal at
2MHz appears. This is caused by the supply noise propagation through the
non-ideal filter which does not suppress the second harmonic anymore.

The SNR values in table 5.1 are obtained by performing an FFT of the output
signals, filtering the signal with the decimation filter transfer function of
the demodulator and separating the signal peak at the input frequency from
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Figure 5.8: ADC simulation results in single-bit mode without PSN.
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Figure 5.9: ADC simulation results in single-bit mode with PSN.
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Figure 5.10: FFT of ADC simulation results in single-bit mode without PSN.
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Figure 5.11: FFT of ADC simulation results in single-bit mode with white PSN
as described in sec. 5.1.4.1.
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𝜎 per harmonic [µV] SNR [dB]

0 42.6
250 40.7
500 39.1
750 37.8
1000 34.4

Table 5.1: SNR with white noise as PSN in single-bit mode.

the noise integrated over the bandwidth. The performance deterioration is
clearly visible as the SNR decreases with increasing PSN levels, implemented
as different standard deviations 𝜎 of the noise source harmonics.

5.1.4.3 Multi-bit mode

Results for multi-bit mode simulations, with the ADC configured as a 4-bit
tracking quantizer, are shown in figure 5.12 without noise and in figure 5.13
with the same noise level as for the single bit mode. For one, even though
the DAC can compensate for the error, the tracking quantizer can not follow
the signal with added noise fast enough. This is further aggravated due to
the implementation choice, that the sign is determined independently of the
other comparators using the third single-ended comparator. Skipping one or
more bits while changing the sign thereby worsens the error. For example,
instead of going from 10 to 7 due to skipping two bits, the output jumps from
10 to 5 due to the inverting sign causing high jumps in the digital output
signal and thus the feed-back voltage.

The comparison of the output spectrum with and without noise shown in
figure 5.14 and 5.15 respectively also clearly illustrates the influence of noise.
While the spectrum without noise shows only uneven harmonics with an
alternating sign, as expected from a quadrature signal, the spectrum with
noise shows additional harmonics at uneven and even multiples on both
sides of the spectrum. Similar to the single-bit simulations, the harmonics
at 2𝑓𝑖𝑛 are especially significant, not least because it is very close to signal.
Additionally, the overall noise level is considerably higher compared to the
simulation results without noise.

The SNR results for different noise levels are listed in table 5.2. Comparing
the results to the single-bit mode simulations, it is notable, that in multi-bit
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Figure 5.12: AMS simulation filter signals in multi-bit mode without PSN.
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Figure 5.13: AMS simulation filter signals in multi-bit mode with PSN.
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Figure 5.14: FFT of the ADC’s output in multi-bit mode without PSN.
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Figure 5.15: FFT of the ADC’s output in multi-bit mode with PSN.
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𝜎 per harmonic [µV] SNR [dB]

0 56.0
250 45.5
500 40.8
750 35.6
1000 33.7

Table 5.2: SNR with white noise as PSN in multi-bit mode.

operation the SNR is considerably better without noise, but also deteriorates
more severely with increasing noise.

5.2 All-Digital PLL

To simulate the ADPLL as a complete system, analog components are replaced
by functional models. They provide a pin-equivalent description of the cir-
cuit behavior, where major performance characteristics are configurable via
parameters. Thus, an early system design is enabled by using assumptions
for these parameters while they can be updated when accurate results from
analog simulations are available. The parameters presented here are extracted
from schematic simulation of the developed designs.

To consider the effects of system partitioning the models incorporate behavior
for supply variation. To be able to act as aggressor in the system, the current
drawn by the subcircuit from the supply is modeled. On the victim side,
timing variation due to a changing supply voltage is considered. The 𝛼-
model introduced in section 3.3.2 is used to model this effect. Translating
the accumulated current on the supply to a voltage ripple is incorporated in
the LDO model. All circuits are modeled in time-domain to be completely
compatible with the digital RTL simulation.

5.2.1 LDO Modeling

The LDO implementation on chip is depicted in figure 5.16. It has been pub-
lished in [Wan+20]. A PMOS pass device is used to control the LDO current.
The output voltage 𝑉𝑜𝑢𝑡 is fed back directly to an error Amplifier, where it
is compared to a reference voltage 𝑉𝑟𝑒 𝑓 . Instead of the typical approach to
use a down-divided value for feedback, a programmable reference voltage
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Vbg Vref Vref filtered
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Figure 5.16: The LDO’s implementation on the chip.

is used to control the output voltage. This minimizes the noise sources at
the output. The reference voltage is generated from a bandgap voltage and
low-pass filtered afterwards to suppress as much noise as possible. A 𝑔𝑚
based current mode capacitance multiplier is used to reduce the capacitor size
on-chip [BCB18].

5.2.1.1 Model Development

The LDOmodel only considers the main subcomponents inside the dotted box.
It recreates the toplevel hierarchy by replacing the sub-blocks with macro
models.

The two capacitors, gate capacitance and output capacitance, use the same
model, which integrates the current into the device to an output voltage fol-
lowing 𝑉𝑐𝑎𝑝 =

1
𝐶

∫
𝐼𝑐𝑎𝑝𝑑𝑡 . The algorithm integrates the current over discrete

steps (5.2). The step size is determined dynamically either by the next external
event or a fixed maximum time step that depends on the maximum allowed
voltage tolerance 𝑉𝑡𝑜𝑙 .

𝑉𝑐𝑎𝑝,𝑛 =
1

𝐶
𝐼𝑐𝑎𝑝,𝑛−1Δ𝑡 +𝑉𝑐𝑎𝑝,𝑛−1 , (5.2)

Δ𝑡 = 𝑡𝑛 − 𝑡𝑛−1 , (5.3)

𝑡𝑠𝑡𝑒𝑝 =
𝑉𝑡𝑜𝑙𝐶

𝐼𝑛
(5.4)

For the output capacitance consisting of a fixed capacitor and the virtual
capacitance from the capmultiplier, an equivalent output capacitancemodeled
as two leaky capacitors in series is implemented.

The error amplifier (EA) acts as voltage controlled current source with simple
linear gain and limiting minimum and maximum currents, resulting in the
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Figure 5.17: The modeled EA’s voltage current relation.

Table 5.3: EA model parameters.

Parameter G[mS] 𝐼𝑚𝑎𝑥 [mA] 𝐼𝑚𝑖𝑛[mA]

Value 13 6.426 -1.132

transfer function shown in figure 5.17. The values derived from schematic
simulation are given in table 5.3

The pass device transistor is implemented as the standard three-region tran-
sistor model with equations:

𝐼𝑑 =




0 𝑉𝐺𝑆 < 𝑉𝑡ℎ
𝑘
2
(𝑉𝐺𝑆 −𝑉𝑡ℎ)2 𝑉𝐺𝑆 −𝑉𝑡ℎ < 𝑉𝐷𝑆

𝑘 ((𝑉𝐺𝑆 −𝑉𝑡ℎ)𝑉𝐷𝑆 −
𝑉 2
𝐷𝑆

2
) 𝑉𝐺𝑆 −𝑉𝑡ℎ > 𝑉𝐷𝑆

. (5.5)

5.2.1.2 Model evaluation

The developed model is evaluated by comparison to the results from transient
schematic simulation. Load regulation behavior is considered, as it provides
an important characteristic for analyzing the noise behavior of the circuit. It
determines the impact of a load current modulation on the supply voltage.
The testbench setup is schematically drawn in figure 5.18. A current step of
𝐼𝑜𝑢𝑡 = 10mA is applied.

The resulting voltage response ofmodel and schematic are shown in figure 5.19
The model shows a higher overshoot but an similar settling time, compared
to the schematic simulation. This could be caused by a deviation between the
gain of the error amplifier model and circuit implementation.
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Figure 5.18: The LDO’s testbench.
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Figure 5.19: The LDO’s step responses of schematic and model compared.
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Figure 5.20: The frequency response of LDO model and schematic.

Looking at the frequency response of the circuit (figure 5.20), it can be seen
that the behavior for high frequencies (𝑓 > 10MHz) matches very well.

5.2.2 DCO Model

The DCO used in the ADPLL is depicted in figure 5.21. Contrary to the ideal-
ized design shown in figure 2.12, the capacitor bank is split in three separately
tunable banks with different tuning step size to facilitate a large design space.
It covers a frequency range from 9GHz to 11GHz by using 256 PVT tuning
steps, 64 acquisition steps and 128 tracking steps. As already mentioned in
section 4.2.4.2, additional tracking capacitors are used for modulation by a
ΣΔ-modulator. The tuning ranges by smaller banks cover at least 4 LSBs of
the larger bank to facilitate for process variation.

As can be seen the DCO is connected to two supply domains. The main 1.2 V
domain supplies the DCO core, while the capacitor bank control is connected
to the 0.9 V domain to allow an easy connection to the digital signals.

5.2.2.1 Model Development

The DCO needs to generate an output signal with tunable frequency. All
phase information of such a signal is included in the zero crossings of the
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Figure 5.21: Block diagram of DCO with different capacitor banks.
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Figure 5.22: Ideal and linearized frequency tuning in relation to Δ𝐶 .

Table 5.4: Capacitor unit-cell model parameters.

Cell 𝑃𝑉𝑇𝑜𝑛 𝑃𝑉𝑇𝑜 𝑓 𝑓 𝐴𝐶𝑄𝑜𝑛 𝐴𝐶𝑄𝑜 𝑓 𝑓 𝑇𝑅𝐴𝑜𝑛 𝑇𝑅𝐴𝑜 𝑓 𝑓

𝐶 [𝑓 𝐹 ] 5.094 2.792 1.961 1.902 1.487 1.487

𝛼𝐶 [𝑎𝐹/𝑉 ] 1.596 -47.72 0.028 -3.441 0.015 -0.004

output. Thus, a digital signal with equivalent jitter is used to model the DCO
output.

Figure 5.22 plots the frequency of an ideal LC-tank in contrast to a linearized
model. As can be seen, while the linearization is suitable for small deviation
such as in the tracking bank, it does not cover the whole PVT bank accurately.
Thus, the model calculates the oscillator frequency directly summing up all
capacitor contributions and using (2.22). The switchable capacitor cells are
controlled using transistors with gates connected to the 0.9 V analog domain.
Thus the capacitance value varies with fluctuations on the supply. Since
it varies differently with the on/off state of the cell, each cell is modeled
separately. The characterizing parameters are summarized in table 5.4. The
variation of the total capacitance over supply voltage for different usecase
settings is shown in figure 5.23. The value of an acquisition LSB is also ploted
for reference. As capacitance variation is lower for switched on cells, the
influence is smaller for high settings, while for a typical usecase at 10GHz
center frequency the deviation for 1 % supply variation accumulates to more
than 1 ACQ LSB.
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Figure 5.23: The capacitor banks with supply modulation.

The influence of the DCO core from the 1.2 V domain on itself has also been
investigated. Figure 5.24 plots the expected voltage and current variations,
as extracted from schematic simulation of the DCO’s core together with the
LDO. It can be seen that the supply voltage ripple, with < 6 µV, is small. Thus,
only a static noise model considering the white noise floor and wander noise
for the DCO is implemented. The noise levels are extracted from schematic
simulations at −155 dBc/Hz for the noise floor and −120 dBc/Hz at 1MHz
offset frequency for the wander noise. These noise source are transformed
to equivalent jitter contributions, following the derivations in section 2.1.6.3.
The resulting phase noise spectrum for the DCO is plotted in Figure 5.25.

5.2.2.2 Model Evaluation

The verification testbench for evaluating the capacitor bank modeling is de-
picted in Figure 5.26. The main performance criterion is the output phase
noise, which is calculated from zero-crossings of the output clock signal. The
phase noise of the model and schematic simulation is compared for two sce-
narios, one with a modulated 0.9 V supply and one without modulation. The
modulating test signal 𝑉𝑎𝑐 is chosen to be similar to the expected modulation
of the output dividers, as will be shown in section 5.2.3. Its mathematical
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Figure 5.24: The DCO’s supply voltage and current.
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Figure 5.26: Testbench for the DCO model vs. schematic simulations.

expression is shown in (5.6):

𝑉𝑎𝑐 = −0.5mV · (𝑠𝑖𝑛(𝜔/2 · 𝑡) + 𝑠𝑖𝑛(𝜔/4 · 𝑡)) , (5.6)

𝜔 = 2𝜋 · 10GHz . (5.7)

The schematic simulations are performed without transient noise to be able
to observe effects which would otherwise be overshadowed by the noise floor.
For the same reason, the white phase noise in the DCO model is disabled. The
resulting output phase noise spectra are shown in Figure 5.27. As can be seen,
the induced spurs at 5 GHz and 2.5 GHz are captured accurately, although
their level is close to the expected noise floor.

5.2.2.3 Time Rescaling

As explained in section 5.2.2 and section 2.1.6.3, the static DCO phase noise
is modeled as additional jitter components on the center period. For a DCO
with center frequency of 10GHz, noise floor at −155 dBc/Hz and up-converted
thermal noise of −115 dBc/Hz at 1MHz offset, this results in RMS jitter con-
tributions of 𝜎Δ𝑡 = 28.302 fs and 𝜎Δ𝑇 = 1.7783 fs, respectively. The time
resolution feasible in digital simulations is defined by the HDL standards,
e.g. [IEE18]. The smallest possible delay is defined as 1 fs, which results in
a quantization noise from rounding in a similar range as the jitter of the
DCO:

𝜎Δ𝑇,𝑞 =

𝑡𝑞√
12

= 0.287 fs . (5.8)

Figure 5.28 shows an ADPLL model with additional noise source 𝜂𝑞 due to the
limited timing resolution of the simulator on the right. Depending on whether
the DCO period duration for phase noise evaluation is saved within the DCO
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Figure 5.27: The DCO’s output spectrum compared to the schematic’s.
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Figure 5.28: A z-domain model of an ADPLL with quantization noise from
simulator resolution.

model – with full precision – or calculated externally in the testbench by
looking at the switching events – with simulator resolution –, the quantization
noise is shaped differently by the loop. In the first case, the noise is low-pass
filtered in the same manner as the TDC noise. For the second option, it is
high-pass filtered together with the DCO noise contribution. The resulting
over all phase noise is plotted for both cases in figure 5.29.

To overcome this limitation and increase the effective resolution, it is proposed
to introduce a scaling factor𝑇𝑠𝑐𝑎𝑙𝑒 to increase the simulation time resolution in
comparison to the system time, as already published in advance in [Mei+20]:

[1 s]𝑠𝑦𝑠 ≡ [1 s ·𝑇𝑠𝑐𝑎𝑙𝑒 ]𝑠𝑖𝑚 . (5.9)

As the simulation frequencies are now scaled by 1/𝑇𝑠𝑐𝑎𝑙𝑒 , the jitter also needs
to be scaled by 𝑇𝑠𝑐𝑎𝑙𝑒 for the noise contributions to stay equivalent:

𝜎𝑠𝑖𝑚 = 𝑇𝑠𝑐𝑎𝑙𝑒 · 𝜎𝑠𝑦𝑠 . (5.10)

Substituting (2.41) and (2.43) in (5.10), the spectral noise density of the thermal
noise converts to:

L𝑡ℎ𝑒𝑟𝑚,𝑠𝑖𝑚 = L𝑡ℎ𝑒𝑟𝑚,𝑠𝑦𝑠 ·𝑇𝑠𝑐𝑎𝑙𝑒 , (5.11)

L𝑢𝑝𝑐𝑜𝑛𝑣,𝑠𝑖𝑚 = L𝑢𝑝𝑐𝑜𝑛𝑣,𝑠𝑦𝑠 ·
1

𝑇𝑠𝑐𝑎𝑙𝑒
. (5.12)

The quantization on the simulator is fixed, thus, effectively reducing on the
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1 var real t_scale = 1e3;

2

3 module DCO (input [LEN_OTW-1:0] OTW, output CKV);

4 [...]

5 always @(CKV) begin

6 [...]

7 #(t_scale * half_period_n) CKV = !CKV;

8 end

9 endmodule

Listing 5.1: SystemVerilog implementation of time-domain rescaling.

system scale:

𝜎Δ𝑇,𝑞,𝑠𝑦𝑠 = 𝜎Δ𝑇,𝑞,𝑠𝑖𝑚 · 1

𝑇𝑠𝑐𝑎𝑙𝑒
, (5.13)

L𝑞,𝑠𝑦𝑠 [dB] = L𝑞,𝑠𝑖𝑚 [dB] − 10 log10 (𝑇𝑠𝑐𝑎𝑙𝑒 ) . (5.14)

The rescaling is implemented consistently in SystemVerilog by introduction
a global variable t_scale. Thus, instead of rescaling all delays individually,
scaling happens by multiplying all delay statements in models and blocks
with the scaling factor. Adjusting the time base variable in the standard cell
characterizations gives the same results for synthesized netlists. A possible
implementation of the DCO model is shown in listing 5.1. The effects of
DCO phase noise on the ADPLL after rescaling by t_scale = 103 are depicted
in Figure 5.30. The quantization noise from simulator is reduced by 30 dB
compared to Figure 5.29 and the resulting overall phase noise is dominated
by the DCO noise contribution as expected.

5.2.3 Buffer and Divider

Due to the high switching activities, the output buffer and high speed dividers
are expected to be a main source for SSN. Thus, the model needs to accurately
reflect the timing and current demands of the circuit. The structure imple-
mented on-chip is visualized in figure 5.31. It consists of a sine-to-square
buffer followed by a chain of buffers and dividers. The down-divided out-
puts are fed into delay lines to align the phase of all four clock outputs. All
instances are implemented differentially.

114



5.2 All-Digital PLL

103 104 105 106 107 108 109 1010
−180

−160

−140

−120

−100

−80

−60

∆f [Hz]

S
φ
[d
B
c/
H
z]

SV simulation
quantization noise

DCO noise

Figure 5.30: Effect of DCO phase noise on ADPLL output after rescaling.

:2 :2 :2

mux

clkin

clk clk/2 clk/4 clk/8

a b b bc c c

d d d

e e e e

f
g

Figure 5.31: The output buffer and divider as circuit.

115



5 Simulation Results

tin tout t

t
I

V

0

0.5

1

Q

tin tout t

t
I

V

0

0.5

1

Q

Two-inverter buffer Model

Figure 5.32: Buffer’s current and voltage waveform.

5.2.3.1 Model Development

The circuit model is split into functional models for inversion, division and
multiplexing as well as a variable standard buffer model to accommodate
for the supply dependent delay and the aggregated current consumption of
the functional blocks before. The buffer model can be parameterized using
a static transport delay, the charge consumed by on switching event and an
alpha factor for describing a linear delay variation dependent on the supply
voltage.

Modeling the supply current waveform requires a trade-off between accuracy,
simplicity and simulation speed. Normally, the currents drawn for rising and
falling transitions are not the same, but since the whole structure is differential,
the current for each event can be assumed equal. To further simplify the
necessary computations, a zero-order approximation of the current waveform
is assumed. The current is approximated by a rectangle whose integral equals
the charge drawn by one switching impulse (see figure 5.32):

𝐼𝐷𝐷 =

{
𝑄/(𝑡𝑜𝑢𝑡 − 𝑡𝑖𝑛) for 𝐼𝑛 ≠ 𝑂𝑢𝑡

0 otherwise
. (5.15)

Table 5.5 lists the parameters for modeling the buffer as indicated in figure 5.31.

5.2.3.2 Model Evaluation

To verify model vs. schematic (MvS) an ideal 10GHz oscillator is connected as
input source. The LDOmodel introduced in section 5.2.1 is used to provide the
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Table 5.5: Output buffer and divider model parameters.

Cell h e b c d f g a

𝛼[ps/V] -2.543 8.998 7.182 1.248 6.327 17.67 5.948 28.74

d[ps] 15.33 49.69 16.17 11.99 2.271 17.02 58.81 77.34

q[µA ·ps] 1.412 6.996 6.13 6.532 2.337 11.73 8.165 21.27

1 1.1 1.2 1.3 1.4 1.5 1.6 1.7 1.8 1.9 2
0

10

20

30

40

time [µs]

C
ur

re
nt

[m
A

] Schematic
Model

1 1.1 1.2 1.3 1.4 1.5 1.6 1.7 1.8 1.9 2
0.897

0.898

0.899

0.900

0.901

time [µs]

Vo
lta

ge
[V

]

Figure 5.33: Transient current and voltage plot of the output buffer’s supply.

supply. To estimate the model’s performance, the transient supply current and
voltage as well as the phase noise of the output buffer outputs are evaluated.

Figure 5.33 shows the simulated supply voltage and current for the setup. By
visual inspection, it can be verified that the main characteristics are captured
by the model. The low level abstraction allows for a coarse approximation of
the supply currents to be sufficient since the sum of multiple buffer currents
with the correct timing still give a good estimate of the total power consump-
tion. The supply voltage waveform also follows the results from schematic
simulation, although with an offset of ≈ 0.7mV. This offset is caused by a
2mA deviation of the mean current drawn from the buffers. Table 5.6 lists
the main performance criteria of the MvS testcase. It can be seen that al-
though there is a larger deviation on the currents due to neglected dummy
capacitance and simplified waveforms, the voltage deviation is considerable
smaller. Also, as explained in section 5.2.1.2, the LDO model is only accurate
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Table 5.6: Comparison of the model’s interaction.

𝑉𝑚𝑒𝑎𝑛 𝑉𝑚𝑖𝑛 𝑉𝑚𝑎𝑥 𝜎𝑉 𝐼𝑚𝑒𝑎𝑛 𝐼𝑚𝑖𝑛 𝐼𝑚𝑎𝑥 𝜎𝐼

Schematic 0.8992 0.9001 0.8980 0.000497 10.54 26.53 4.98 3.53

Model 0.8999 0.9008 0.8985 0.000555 8.58 39.56 1.94 5.54
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Figure 5.34: Phase noise of the output buffer compared.

for frequencies above 10MHz but since only high frequencies are present in
this usecase, the model shows a good accuracy.

As a second metric, the output buffer’s phase noise is compared in Figure 5.34.
First, by looking at the results for simulation of the schematic without LDO
self-induced spurs at 1.25GHz, 3.75GHz and 5GHz can be observed. They
are comparably small with a level below −160 dBc/Hz. This is lower than
the expected noise level from the oscillator and can thus be neglected. More
important are the spurs at 2.5 GHz and 5GHz introduced by usage of the LDO
as power supply. They occur at 1/2 and 1/4 of the input frequency and are
induced by SSN, which is well captured by the models.

5.2.4 TDC Modeling

The 2-D-Vernier-TDC implemention is shown in figure 5.35. It consists of
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two delay lines: the slow line with 13 delay elements and a nominal delay of
30 ps each, and the fast line with 11 delay elements and 33 ps nominal delay.
A schematic of the delay cells is depicted in figure 5.36. The delay is tuneable
by the discrete control word (DCW) input controlling the available current
and the load capacitance.

In between the delay chains, the TDC is composed of a matrix of RS-flip-
flops comparing the outputs of both delay lines and forming the 44 bit output
thermometer code (Out Q). Prior to the delay chains a control block is im-
plemented, consisting of a pulse steering block and various multiplexers to
enable proper use and online calibration in between measurements.

5.2.4.1 Model Development

Similar to the model development in section 5.2.3, the dynamic supply current
and accurate cell delays are considered the most important model characteris-
tics. Thus, the same approach as for modeling buffers and dividers is chosen.
To model the transport delay and power consumption of buffers and flip-flops,
the previously introduced model is reused with different parameter setting
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Table 5.7: Flip-flop model parameters.

Cell Buffer SC Buffer Mat

d [ps] 13.9 11.76

𝛼 [ps/V] 22.82 11.39

q [mA*ps] 4.72 1.57

Table 5.8: Delay cell model parameters.

parameters C K 𝑉𝑡ℎ G H

values 0.0419 0.002637 0.2734 16.49 7.771

as given in table 5.7. Only for the unit delay cells used in the delay chains,
the model needs to be extended to also cover the programmability of the cell.
The propagation delay 𝑡Δ and charge 𝑄 consumed by the cell mainly depend
on the load capacitance 𝐶𝐿 (𝐷𝐶𝑊1) and available current 𝐼 :

𝑡Δ = 2 · 𝐶𝐿 (DCW1) ·𝑉𝐷𝐷
2 · 𝐼 , (5.16)

𝐼 = 𝐾𝑛
𝑊 (DCW2)

𝐿
(𝑉𝐷𝐷 −𝑉𝑡ℎ)2 . (5.17)

Substituting (5.17) in (5.16) and grouping constants together leads to :

𝑡Δ =
(𝐶𝐿 · DCW1 +𝐶0) ·𝑉𝐷𝐷

(𝐾 · DCW2 + 𝐾0) (𝑉𝐷𝐷 −𝑉𝑡ℎ)2

= 𝐻 · (DCW ·𝐶 + 1) ·𝑉𝐷𝐷
(DCW2 · 𝐾 + 1) (𝑉𝐷𝐷 −𝑉𝑡ℎ)2

, (5.18)

𝑄 = 𝐺 · (DCW1 ·𝐶 + 1) ·𝑉𝐷𝐷 . (5.19)

The parameters derived from schematic simulations and used for the models
are found in table 5.8.

5.2.4.2 Model Evaluation

To analyze the model performance, the modeled delay and charge of the delay
cell is compared to results from schematic simulation. Figure 5.37 shows
the relative error of both parameters for different DCW values. As can be
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Figure 5.37: Relative error of delay cell parameters.
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Figure 5.38: The phase noise spectrum without noise sources.

seen, the error is smaller than 0.1 % for all cases except the charge variation
caused by tuning the available current. Since (5.19) is not dependent on the
current, the model does not capture this change due to varying cross-currents.
Nevertheless, the current variation is small compared to the change in load
capacitance, so that the absolute error can be neglected.

5.2.5 System-Level Evaluation

5.2.5.1 Model Performance

The phase noise results for a simulation with close-to-integer FCW setting
without any supply modulation effects are show in figure 5.38. The resulting

121



5 Simulation Results

fractional spurs around 15 kHz offset and its multiples are clearly seen. The
simulation result is compared to a high-level pure digital behavioral model
that has no supply pins modeled. As can be seen, the resulting phase noise
matches as expected. Slight differences in spur level can be accounted for
by differences in TDC delay cells. While they are ideally matched for the
high-level model, the low abstraction level models uses the values extracted
from schematic simulation.

A performance comparison has been done using Xcelium’s “-profile” option.
The results are highlighted in figure 5.39. The penalty introduced due to
the lower abstraction level used in the supply models is about a factor of
8. Further, the simulation performance for various use-cases considering
supply modulation are plotted. As can be expected, a further degradation in
simulation speed can be observed due to the additional events that need to be
processed.

With the supply as the most active net in the circuit, further optimization
of its processing promises huge performance benefits. As the supply net
only connects to one voltage driver, the LDO, and multiple current loads,
a simplification of the net resolution function is possible. Instead of the
electrical equivalent net modeling as described in section 3.2.2, a striped
down version, named IVnet is used. It provides all loads with the supply
voltage generated by the driving source while the load currents are simply
summed up. The translation of the currents to a voltage drop on the net are
shifted into the LDO model and only updated whenever the LDO voltage is
newly calculated. Compared to the full EEnet implementation, this achieves
a performance gain by a factor of approximately 12.

5.2.5.2 Supply Coupling Path Analysis

To analyze possible cross-coupling paths over supply lines the effects of the
involved sub-circuits are investigated individually. First only the divider
and output buffer stage is considered as an aggressor load. Looking at the
results in figure 5.40, it can be seen that the divider hardly affects the other
circuits. Only the additional spurs at 2.5GHz and 5GHz already explained in
section 5.2.3 are added.

However, by looking at figure 5.41, which also considers the TDC supply
current, several changes in the output spectrum can be identified. First, the
fractional spurs, as seen in the green curve, are ∼10 dBc/Hz larger, compared
to figure 5.38. This indicates additional non-linearity in the TDC induced by
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Figure 5.41: Output phase noise considering TDC and divider as current loads.

its own current consumption. Secondly, the overall phase noise in the region
starting at 10MHz is elevated. This can clearly be attributed to the divider
by comparing the plots for TDC (green), DCO (purple) and divider (orange).
Last, additional spurs at 6.8MHz and multiples occur due to modulation of
the DCO and dividers by the TDC. Due to the TDC’s periodical recalibration
its input activity also contains other frequency components than that caused
by DCO and reference clock. The input spectrum of the TDC is plotted in
figure 5.42. As can be seen, it already contains the spur at 6.8MHz, which
can then propagate over the supply to DCO and divider.

5.2.5.3 Path Sensitivity Analysis

The previous analysis only considered a lumped supply net, where all sub-
circuits are directly connected to one node. While this approach provides
a smaller netlist, it is not able to address the effects of local decoupling ca-
pacitors placed close to the relevant designs. To investigate how much local
decoupling can dampen the crosstalk the supply net is extended to a star
topology with series resistance in between subcircuit and LDO and an addi-
tional local capacitance on the circuits side. The testbench setup is shown in
figure 5.43.

Multiple simulations, sweeping resistance and capacitance value are run.
Figures 5.44a and 5.44b visualize the effect of varying decoupling capacitance
of TDC and divider, respectively. As can be seen, the fractional spurs at low
frequencies are largely unaffected by the decoupling. A good decoupling on
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Figure 5.44: Output phase noise simulation of the ADPLL for different decou-
pling parameters.
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Figure 5.45: Output phase noise of the ADPLL with separate LDOs for TDC
and DCO/Divider.

TDC side can reduce them to the level without any supply voltage (VDD)
modulation present. Nevertheless, they need to be addressed separately
by the spur reduction mechanisms and will be discussed in the following
section 5.2.5.4. The TDC decoupling is also able to reduce the elevated noise
floor in the output phase spectrum. The spurs introduced due to the TDC input
spectrum, however, are still present event with large decoupling capacitor of
2 nF. Similarly, a decoupling on the divider side reduces its spurs in the DCO
output phase spectrum but does not affect any spurs coming from the TDC
side.

To eliminate the spurs and noise introduced by the TDC to the LDO, another
feasible solution is to provide an own LDO for each block. Simulation results
of the output phase noise are shown in figure 5.45. As expected the output
spectrum resembles the results from the simulation considering the TDC
as only victim with the additional spurs at 𝑓𝐷𝐶𝑂/2 and 𝑓𝐷𝐶𝑂/4 from the
divider.
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Figure 5.46: Output phase noise for spur cancellation through correlation
with ideal VDD.

5.2.5.4 Robustness of Spur Cancellation Mechanisms

Separating the analog circuits in their own supply domain can reduce spurs
due to crosstalk drastically. Nevertheless, the fractional spurs remain since
they are caused inherently by the operating mode of the PLL, when used with
a close-to-integer setting.

The simulation results for spur reduction using the correlation algorithm
introduced in section 4.2.4.5 with ideal supply conditions are shown in fig-
ure 5.46. A good suppression for higher frequency spurs is seen. Only the
lowest frequencies corresponding to one LSB offset from integer FCW fre-
quency with 2 additional harmonics remain. These are probably caused by
the fact that the TDC step size does not align with the DCO period. Thus,
the last step has different size than the previous ones and is not canceled
properly, causing the remaining periodic phase disturbance. Further some
noise around 400 kHz is visible. It aligns with the time needed to sweep on
TDC step with this fraction FCW setting.

The effectiveness of the spur reduction depends on the accuracy of the esti-
mated metastability probability function of the flip-flops in the TDC, which is
gained by averaging the periodic phase error over multiple periods. Results
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Figure 5.47: Spur cancellation comparison for different averaging lengths.

for different averaging lengths are shown in figure 5.47 As can be seen, for
too small 𝑛𝑎𝑣𝑔 the algorithm only adds additional noise from the previous
periods to the phase error, while averaging longer than 24 periods does only
offer limited improvement.

Running the same simulation with a modulated supply shows reappearing
fractional spurs, as seen in figure 5.48. The varying supply adds non-linearity
to the TDC that is not considered by the algorithm. The TDC step sizes vary
from step to step so that the periodic approximation fails. Thus, for this
algorithm to work, a highly linear TDC is necessary.

Dithering the TDC reference input is the second approach to randomize the
periodic phase error disturbances. Simulation results are shown in figure 5.49.
The dithering and correction in digital afterwards is able to reduce spurs by
approximately 15 dB. The lowest fractional spur, however, does not diminish
completely. Further, spur reduction needs a stronger scrambling of the TDC
input, which can be achieved by a delay line with more output taps. As can
be seen a small new spur is added around 150 kHz, which corresponds to the
sweep time of 1/𝑇𝐿𝑆𝐵,𝑑𝑖𝑡ℎ𝑒𝑟 . Some variation due to mismatch is of advantage
here, as it spreads the spur energy in the spectrum.

Simulation with VDD modulation shows a similar picture seen in figure 5.50.
While the absolute values are a bit higher, a good suppression is still achieved.
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Figure 5.48: Spur cancellation effectiveness with supply modulation.
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Figure 5.49: Output phase noise for spur cancellation through TDC input
dithering with ideal VDD.
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Figure 5.50: Output phase noise for spur cancellation through TDC input
dithering with modulated VDD.
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CHAPTER 6

CONCLUSION

6.1 Summary

The high demand for low-power electronics has favored SoC designs in small
technology nodes. Digital-centric designs do have an advantage here, as they
scale better with the shrinking feature size than their analog counterparts.
However, the growing complexity of the systems, with ever-increasing in-
teraction between subsystems, in addition to new challenges and growing
importance of low-level error sources on the overall system performance
drives the pre-tapeout verification effort.

This thesis address this increasing verification and design effort to ensure
first-time-right production. An efficient simulation method for co-simulation
of analog, RF circuits and digital system parts is needed. This is addressed by
ensuring a use-case tailored signal representation in a fast, true event-driven
simulation and modeling environment. A generic and extensible modeling
framework is developed, based on SystemVerilog and its DPI to C++. While
SystemVerilog ensures a good integration in state-of-the-art design flows, the
C++ connection allows implementing signal description and processing using
existing optimized libraries.

A suitable subset of different signal types needed in complex RF SoCs is
developed and applied to verify a multi-band, multi-standard transceiver
chip. The developed framework enables the systematic investigation on low-
level effects of supply modulation in the ΔΣ-ADC subsystem. Thus, it is
possible to find root causes for performance degradation and spurs of the
demodulated spectrum in pre-tapeout simulation by considering the complete
mixed-signal system. These were otherwise only discovered in the lab during
measurements requiring a re-spin to fix them in a product.

The simulationmethods and parameterizedmodel building approach is further
extended to aid the design process of an ADPLL. Applied in a top-down
procedure, the parameterized models for analog subblocks allow to be refined
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during development process as more information becomes available. Thus,
this thesis is able to define a suitable power domain partitioning to ensure
low phase noise and spur level PLL operation.

The developed fractional ADPLL inherently produces fractional spurs for
close-to-integer frequency setting. While a multitude of approaches to limit
them exist in literature, two approaches are investigated further. Based on
this, a digital only phase error prediction and correction algorithm is newly
developed and compared to a reference path dithering approach. Both im-
plementations promise comparable performance in a noise-free simulation
environment. However, considering power supply noise induced non-linearity
in the fractional TDC measurement discloses a weakness in the purely digital
approach. It cannot compensate for the varying step size induced by the
non-linearity. The dithering method shows a more robust behavior in such a
noisy environment.

6.2 Outlook and Open Research Topics

The application to the pre-tapeout verification of a complex multi-band, multi-
standard transceiver as well as the development of an ADPLL subcircuit
highlight the feasibility and large potential of a versatile simulation framework
and the modeling approaches developed in this thesis.

However, the work also shows that the integration in the design process
can be further optimized to speed up the model development and move the
verification effort to an eralier design stage. Two possible practices come
to mind. Either, the library of available blocks with standard operations
needs to be systematically extended to allow a faster model build up by
combining and connecting them to build pin equivalent representation for
analog schematic views. The other way forward focuses on a more fully and
versatile signal API including operations on the signal class to be available in
SystemVerilog. This allows the verification engineer to stay in their current,
familiar environment and eases integration in industry workflows. While the
first approach promises an overall faster model development process once
truly established, the second allows to quickly benefit from the advanced
signal modeling capabilities.

Further, the developed ADPLL needs validation on silicon. The investigations
done in this thesis are based on simulations from schematics, partly consider-
ing parasitic effects. The system-level investigation enabled by the developed
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methods already provides a deep insight in expected performance. Neverthe-
less, the full picture is only available in the final hardware, but fabrication and
measurement was beyond the scope of this thesis. Especially, the performance
of spur canceling algorithms needs to be further investigated. Extending the
pure digital approach to monitoring and incorporating non-linearity of the
fractional TDC measurement promises a versatile and low-cost solution to
boost overall PLL performance.
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APPENDIX A

SV SOURCE CODE

A.1 RXADC_DAC Module

1 `ifdef SIMULATION

2 import ams_spectral_dpi_pkg::*;

3 import ams_spectral_sv_user_pkg::*;

4 `endif

5

6 module RX_ADC_DAC_2bit ( OUTN, OUTP, AVDD, AVSS, CTRLIN, IREF, CAL );

7

8 `ifndef SIMULATION

9 typedef real signal_type;

10 typedef real signal_net;

11 `endif

12

13 //parameters

14 parameter bit probe_enable = 1;

15 string instance_name = $sformatf("%m");

16 parameter string digital_domain_in = "no_domain";

17 parameter real digital_level_in = 1.2;

18 parameter string digital_domain_out = "no_domain";

19 parameter real digital_level_out = 1.2;

20 parameter real IREF_value = 1.5e-6;

21 parameter real IREF_tolerance = 1.0;

22 parameter string supply_domain_AVDD = "VDD_A";

23 parameter real supply_level_AVDD = 1.2;

24 parameter string supply_domain_AVSS = "GND";

25 parameter real supply_level_AVSS = 0.0;

26 parameter bit psn_influence = 1;

27 parameter string psn_file = "./parameter_files/AIXRF_DAC_PSN.csv";

28 parameter string dc_out_file = "./parameter_files/AIXRF_DAC_DC.csv";

29

30 //in and output port declaration

31 input signal_net IREF; //type:ibias

32 input signal_net AVSS; //type:supply

33 output signal_net OUTP; //type:spectral

34 output signal_net OUTN; //type:spectral

35 input signal_net CTRLIN[2:0]; //type:logic

36 input signal_net CAL[3:0]; //type:logic

37 input signal_net AVDD; //type:supply

38

39 bit trigger_probe = 0;

40 bit triggered = 0;

41

42 //declaration of variables

43 chandle instance_pointer;
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44 bit instance_initialized;

45

46 bit pin_IREF_initialized = 0;

47 chandle IREF_port_pointer = null;

48 chandle IREF_net_pointer = null;

49 chandle IREF_transitem_pointer = null;

50 signal_type IREF_s;

51 real IREF_iprobe;

52 assign IREF_s = IREF;

53

54 bit pin_AVDD_initialized = 0;

55 chandle AVDD_port_pointer = null;

56 chandle AVDD_net_pointer = null;

57 chandle AVDD_transitem_pointer = null;

58 signal_type AVDD_s;

59 real supply_probe_AVDD;

60 assign AVDD_s = AVDD;

61

62 bit pin_OUTP_initialized = 0;

63 chandle OUTP_port_pointer = null;

64 chandle OUTP_net_pointer = null;

65 chandle OUTP_transitem_pointer = null;

66 signal_type OUTP_s;

67 real OUTP_iprobe;

68 assign OUTP = OUTP_s;

69

70 bit pin_OUTN_initialized = 0;

71 chandle OUTN_port_pointer = null;

72 chandle OUTN_net_pointer = null;

73 chandle OUTN_transitem_pointer = null;

74 signal_type OUTN_s;

75 real OUTN_iprobe;

76 assign OUTN = OUTN_s;

77

78 bit pin_CTRLIN_initialized = 0;

79 chandle CTRLIN_port_pointer[2:0] = '{null,null,null};

80 chandle CTRLIN_net_pointer[2:0] = '{null,null,null};

81 chandle CTRLIN_transitem_pointer[2:0] = '{null,null,null};

82 signal_type CTRLIN_s[2:0];

83 logic CTRLIN_probe[2:0];

84 assign CTRLIN_s = CTRLIN;

85

86 bit pin_CAL_initialized = 0;

87 chandle CAL_port_pointer[3:0] = '{null,null,null,null};

88 chandle CAL_net_pointer[3:0] = '{null,null,null,null};

89 chandle CAL_transitem_pointer[3:0] = '{null,null,null,null};

90 signal_type CAL_s[3:0];

91 logic CAL_probe[3:0];

92 assign CAL_s = CAL;

93

94 bit pin_AVSS_initialized = 0;

95 chandle AVSS_port_pointer = null;

96 chandle AVSS_net_pointer = null;

97 chandle AVSS_transitem_pointer = null;

98 signal_type AVSS_s;

99 real supply_probe_AVSS;

100 assign AVSS_s = AVSS;

101

102 string s_bit_position;

103

104 time t_clk;
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105 `ifdef SIMULATION

106 initial begin

107

108 t_clk = 1s/96e6;

109 AMS_Base_set_global_loglevel("none");

110 instance_pointer = AMS_new("AMS_DAC_PSN");

111 AMS_Base_set_loglevel(instance_pointer,"fatal");

112 AMS_Object_set_name(instance_pointer, instance_name);

113 AMS_DAC_PSN_set_parameters(instance_pointer, psn_file, dc_out_file, "AixRF_ADC_DAC");

114 AMS_Block_Spectral_set_psn_influence(instance_pointer, psn_influence);

115 //if (display_flag == 1) begin $display("BLOCK:\tModule AMS_ADC_DAC %s created with pointer

%d",instance_name,instance_pointer); end↩→
116

117 //supply

118 AVDD_port_pointer = AMS_new("AMS_Port_Supply");

119 AMS_Object_set_name(AVDD_port_pointer,"AVDD");

120 AMS_Port_set_direction_input(AVDD_port_pointer);

121 AMS_Port_Logic_set_parameters(AVDD_port_pointer, digital_domain_in,digital_level_in,1,0); // replace

1,0 with bit_width,bit_position↩→
122 AMS_Port_Supply_set_supply_domain(AVDD_port_pointer,supply_domain_AVDD);

123 AMS_Port_Supply_set_supply_level(AVDD_port_pointer,supply_level_AVDD);

124 AMS_Block_add_port(instance_pointer,AVDD_port_pointer);

125

126 AVSS_port_pointer = AMS_new("AMS_Port_Supply");

127 AMS_Object_set_name(AVSS_port_pointer,"AVSS");

128 AMS_Port_set_direction_input(AVSS_port_pointer);

129 AMS_Port_Logic_set_parameters(AVSS_port_pointer, digital_domain_in,digital_level_in,1,0); // replace

1,0 with bit_width,bit_position↩→
130 AMS_Port_Supply_set_supply_domain(AVSS_port_pointer,supply_domain_AVSS);

131 AMS_Port_Supply_set_supply_level(AVSS_port_pointer,supply_level_AVSS);

132 AMS_Block_add_port(instance_pointer,AVSS_port_pointer);

133

134 //logic inputs

135 foreach (CTRLIN[i]) begin

136 CTRLIN_port_pointer[i] = AMS_new("AMS_Port_Logic");

137 s_bit_position.itoa(i);

138 AMS_Object_set_name(CTRLIN_port_pointer[i],{"CTRLIN_", s_bit_position});

139 AMS_Port_set_direction_input(CTRLIN_port_pointer[i]);

140 AMS_Port_Logic_set_parameters(CTRLIN_port_pointer[i], digital_domain_in,digital_level_in,3,i); //

replace 1,0 with bit_width,bit_position↩→
141 AMS_Block_add_port(instance_pointer,CTRLIN_port_pointer[i]);

142 end

143

144 foreach( CAL[i] ) begin

145 CAL_port_pointer[i] = AMS_new("AMS_Port_Logic");

146 s_bit_position.itoa(i);

147 AMS_Object_set_name(CAL_port_pointer[i],{"CAL_",s_bit_position});

148 AMS_Port_set_direction_input(CAL_port_pointer[i]);

149 AMS_Port_Logic_set_parameters(CAL_port_pointer[i], digital_domain_in,digital_level_in,4,i);

150 AMS_Block_add_port(instance_pointer,CAL_port_pointer[i]);

151 end

152

153 //bias inputs

154 IREF_port_pointer = AMS_new("AMS_Port_Bias");

155 AMS_Object_set_name(IREF_port_pointer,"IREF");

156 AMS_Port_set_direction_input(IREF_port_pointer);

157 AMS_Port_Bias_set_bias_parameters(IREF_port_pointer,"current",IREF_value,IREF_tolerance);

158 AMS_Block_add_port(instance_pointer,IREF_port_pointer);

159

160 //spectral outputs

161 OUTP_port_pointer = AMS_new("AMS_Port_Spectral");
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162 AMS_Object_set_name(OUTP_port_pointer,"OUTP");

163 AMS_Port_set_direction_output(OUTP_port_pointer);

164 OUTP_transitem_pointer = AMS_new("AMS_TransactionItem");

165 OUTP_s = AMS_TransactionItem_get_id_by_ptr(OUTP_transitem_pointer);

166 AMS_TransactionItem_set_port_ptr(OUTP_transitem_pointer,OUTP_port_pointer);

167 AMS_Block_add_port(instance_pointer,OUTP_port_pointer);

168

169 OUTN_port_pointer = AMS_new("AMS_Port_Spectral");

170 AMS_Object_set_name(OUTN_port_pointer,"OUTN");

171 AMS_Port_set_direction_output(OUTN_port_pointer);

172 OUTN_transitem_pointer = AMS_new("AMS_TransactionItem");

173 OUTN_s = AMS_TransactionItem_get_id_by_ptr(OUTN_transitem_pointer);

174 AMS_TransactionItem_set_port_ptr(OUTN_transitem_pointer,OUTN_port_pointer);

175 AMS_Block_add_port(instance_pointer,OUTN_port_pointer);

176

177 ////////////////// prepare block and ports /////////////////////;

178 AMS_Object_prepare(instance_pointer);

179 end

180

181

182 always @(AVDD_s iff pin_AVDD_initialized == 0) begin

183

184 if (AVDD_transitem_pointer == null) begin

185 AVDD_transitem_pointer = AMS_TransactionItem_get_ptr_by_id(AVDD_s);

186 if (AVDD_net_pointer == null) begin

187 AVDD_net_pointer = AMS_TransactionItem_get_net_ptr(AVDD_transitem_pointer);

188 AMS_Port_set_net(AVDD_port_pointer,AVDD_net_pointer);

189 AMS_Net_add_port(AVDD_net_pointer,AVDD_port_pointer);

190 end

191 if (AVDD_net_pointer != null) begin

192 pin_AVDD_initialized = 1;

193 end

194 end

195 end

196

197 always @(AVSS_s iff pin_AVSS_initialized == 0) begin

198

199 if (AVSS_transitem_pointer == null) begin

200 AVSS_transitem_pointer = AMS_TransactionItem_get_ptr_by_id(AVSS_s);

201 if (AVSS_net_pointer == null) begin

202 AVSS_net_pointer = AMS_TransactionItem_get_net_ptr(AVSS_transitem_pointer);

203 AMS_Port_set_net(AVSS_port_pointer,AVSS_net_pointer);

204 AMS_Net_add_port(AVSS_net_pointer,AVSS_port_pointer);

205 end

206 if (AVSS_net_pointer != null) begin

207 pin_AVSS_initialized = 1;

208 end

209 end

210 end

211

212 always @(IREF_s iff pin_IREF_initialized == 0) begin

213

214 if (IREF_transitem_pointer == null) begin

215 IREF_transitem_pointer = AMS_TransactionItem_get_ptr_by_id(IREF_s);

216 if (IREF_net_pointer == null) begin

217 IREF_net_pointer = AMS_TransactionItem_get_net_ptr(IREF_transitem_pointer);

218 AMS_Port_set_net(IREF_port_pointer,IREF_net_pointer);

219 AMS_Net_add_port(IREF_net_pointer,IREF_port_pointer);

220 end

221 if (IREF_net_pointer != null) begin

222 pin_IREF_initialized = 1;
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223 end

224 end

225 end

226

227 always @(CTRLIN_s) begin

228

229 foreach (CTRLIN[i]) begin

230 if (CTRLIN_transitem_pointer[i] == null) begin

231 CTRLIN_transitem_pointer[i] = AMS_TransactionItem_get_ptr_by_id(CTRLIN[i]);

232 if (CTRLIN_net_pointer[i] == null) begin

233 CTRLIN_net_pointer[i] = AMS_TransactionItem_get_net_ptr(CTRLIN_transitem_pointer[i]);

234 AMS_Port_set_net(CTRLIN_port_pointer[i],CTRLIN_net_pointer[i]);

235 AMS_Net_add_port(CTRLIN_net_pointer[i],CTRLIN_port_pointer[i]);

236 end

237 end

238 pin_CTRLIN_initialized = 1;

239 end

240

241 end

242

243 always @(CAL_s) begin

244

245 foreach (CAL[i]) begin

246 if (CAL_transitem_pointer[i] == null) begin

247 CAL_transitem_pointer[i] = AMS_TransactionItem_get_ptr_by_id(CAL[i]);

248 if (CAL_net_pointer[i] == null) begin

249 CAL_net_pointer[i] = AMS_TransactionItem_get_net_ptr(CAL_transitem_pointer[i]);

250 AMS_Port_set_net(CAL_port_pointer[i],CAL_net_pointer[i]);

251 AMS_Net_add_port(CAL_net_pointer[i],CAL_port_pointer[i]);

252 end

253 end

254 pin_CAL_initialized = 1;

255 end

256

257 end

258

259 always @(IREF,AVDD,CTRLIN_s,CAL_s,AVSS) begin

260

261 if (display_flag == 1) begin $display("ModuleRX_ADC_DAC %s entered",instance_name); end

262 if (instance_initialized == 0) begin

263

264 if (OUTP_net_pointer == null) begin

265 OUTP_net_pointer = AMS_TransactionItem_get_net_ptr(OUTP_transitem_pointer);

266 if (OUTP_net_pointer != null) begin

267 AMS_Port_set_net(OUTP_port_pointer,OUTP_net_pointer);

268 pin_OUTP_initialized = 1;

269 end

270 else begin

271 pin_OUTP_initialized = 0;

272 end

273 end

274

275 if (OUTN_net_pointer == null) begin

276 OUTN_net_pointer = AMS_TransactionItem_get_net_ptr(OUTN_transitem_pointer);

277 if (OUTN_net_pointer != null) begin

278 AMS_Port_set_net(OUTN_port_pointer,OUTN_net_pointer);

279 pin_OUTN_initialized = 1;

280 end

281 else begin

282 pin_OUTN_initialized = 0;

283 end
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284 end

285

286 if ((pin_IREF_initialized == 1) && (pin_AVDD_initialized == 1) && (pin_CAL_initialized == 1) &&

(pin_OUTP_initialized == 1) && (pin_OUTN_initialized == 1) && (pin_CTRLIN_initialized == 1) &&

(pin_AVSS_initialized == 1) && (AMS_Object_get_initialized(instance_pointer)==0)) begin

↩→
↩→

287 //AMS_Block_set_supply(instance_pointer,supply_pointer_avdd,supply_pointer_AVSS); // change here

to correct supply pointers↩→
288 AMS_Object_initialize(instance_pointer);

289 instance_initialized = AMS_Object_get_initialized(instance_pointer);

290 if (display_flag == 1 && instance_initialized == 1) begin $display("RX_ADC_DAC_2bit %s

initialized!",instance_name); end↩→
291

292

293 end

294 end

295 else begin

296

297 if (display_flag == 1) begin $display("RX_ADC_DAC_2bit %s activity!",instance_name); end

298 AMS_Block_evaluate(instance_pointer,$realtime*timescale);

299 trigger_probe <= ~ trigger_probe;

300

301 //OUTP_s = OUTP_s * -1;

302 //OUTN_s = OUTN_s * -1;

303

304 OUTP_s = AMS_Port_get_transaction_id_number(OUTP_port_pointer);

305 OUTN_s = AMS_Port_get_transaction_id_number(OUTN_port_pointer);

306 if (display_flag == 1) begin $display("RX_ADC_DAC_2bit %s evaluated!",instance_name); end

307 if (display_flag == 1) begin $display("RX_ADC_DAC_2bit realtime: %f = %f",$realtime,$time); end

308 end

309 end

310

311

312 always @(trigger_probe iff probe_enable == 1) begin

313

314 /////////////probes to see signal values in waveform window/////////////////////

315 IREF_iprobe = AMS_Port_Bias_get_current(IREF_port_pointer);

316

317 foreach (CTRLIN[i]) begin

318 CTRLIN_probe[i] = AMS_Port_Logic_get_logic_value(CTRLIN_port_pointer[i]);

319 end

320

321 foreach (CAL[i]) begin

322 CAL_probe[i] = AMS_Port_Logic_get_logic_value(CAL_port_pointer[i]);

323 end

324

325 supply_probe_AVDD = AMS_Port_Supply_get_supply_voltage(AVDD_port_pointer);

326 supply_probe_AVSS = AMS_Port_Supply_get_supply_voltage(AVSS_port_pointer);

327 end

328

329

330 always begin

331

332 #(t_clk)

333 OUTP_iprobe = AMS_Port_Spectral_get_voltage(OUTP_port_pointer, $realtime*timescale);

334 OUTN_iprobe = AMS_Port_Spectral_get_voltage(OUTN_port_pointer, $realtime*timescale);

335

336 end

337 `endif

338 endmodule

339
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